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ABSTRACT 


The UvSe ot oversampling sigma-delta (EA) modulators in the integration of high- 
resolution analog-to-digital converters has shown promise for overcoming the 
analog component limitations inherent in modem VLSI technologies. The design 
ot a switched-capacitor (SC) EA modulator with third order (2-1) cascaded 
(MASH) architecture for 320 KHz baseband bandwidth is presented in this work. A 
behavioral model for a SC EA modulator is presented, where most of its 
nonidealities are considered and performed the time domain behavioral 
simulations. A low power, fully differential operational transconductance amplifier 
(OTA) is used in the transistor level design. The transistor level SC EA modulator 
is implemented using 0,25pm CMOS technology with a single 3V power supply. 
For a 50 KHz input signal, the modulator achieves a signal-to-noise ratio (SNR) of 
83 dB with an oversampling rate of 64. 
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Chapter 1 

Introduction 


1.1 Background 

With the continued scaling of integrated circuit technologies and digital 
storage media, digital signal processing systems have supplanted their analog 
counter parts in many applications. Since digitally processed signals usually 
originate in the analog domain and once processed must be returned to the analog 
domain, the proliferation of digital processing systems has generated the need for 
high-performance analog— to— digital (A/D) and digital— to— analog (D/ A) 
converters. Many factors including cost, reliability, size and speed, have fueled the 
desire to implement these converters in the same integrated circuit technologies 
that provide the inexpensive high-speed medium for digital processor design. 
However the precision with which components match in scaled integrated circuit 
technologies is often less than the desired converter precision and thereby limits 
the accuracy that can be achieved in A/D and D/A converters. 
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The use ot oversampling sigma-delta (EA) modulators in the integration of 
tesolution analog— to— digital converters has shown promise for overcoming 
the analog component limitations inherent in modern VLSI technologies. 
Oversampling analog— to— digital converters based on the EA modulation offer 
high-precision conversion with out the requirements of excessive component 
matching at the expense of speed. This speed penalty becomes less severe when a 
higher order noise shaping is realized. Sigma— delta modulators employ coarse 
quantization enclosed in one or more feedback loops. By sampling at a frequency 
that is much greater than the signal bandwidth, it is possible for the feedback loops 
to shape the quantization noise so that most of the noise power is shifted out of the 
signal band. The out of band noise can then be attenuated with a digital filter. The 
degree to which the quantization noise can be attenuated depends on the order of 
the noise shaping and the oversampling ratio. 

Second order EA modulators have been successfully used for audio 
applications. However, since the quantization noise is only second— order shaped, 
an oversampling ratio of 256 that is, a sampling frequency as high as 81.92 MHz for 
a 160 KHz baseband, is necessary to realize 16 bit resolution. A conventional 
single— loop EA modulator with an order higher than two may oscillate. The loop 
can be made stable by proper scaling of the integration gain factors, due to the 
limitation effect on the internal signals by the supply voltages. However, the 
resulting noise shaping is much worse than the corresponding ideal one. Also, large 
integration capacitances are needed to realize the low gain factors, which introduce 
high parasitic bottom capacitances at the op— amp outputs. Multistage EA 
converters based on stable first or second order EA modulators give the possibility 
of realizing almost ideal higher order (i.e., more than second order) noise shaping. 
The disadvantage is that their performance is more sensitive to the nonideal 
components used in the modulator. 

A complete EA A/D converter comprises two main components: a 
modulator and a decimation filter. The modulator is an analog circuit and usually 
limits the performance of the converter. This work conceiatrates on the modulator. 
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1 .2 Organization of the Work 

In this thesis, a third order 2~1 cascaded (MASH) EA modulator is 
described and modeled its behavior in Matlab, Simulink with considering most of 
its nonidealities. This is compared by the transistor level design. 

Chapter 2 introduces the fundamentals of oversampled sigma— delta 
modulator design. System-level trade-offs including single-loop versus cascaded 
architectures, continuous-time versus sampled-data and single— bit versus multi- 
bit EA modulators are discussed here. A third order 2-1 cascaded (MASH) sigma 
delta modulator is briefly discussed here. 

System level architecture design of the EA modulator is presented in 
Chapter 3. Building blocks of an ideal 2-1 cascaded EA modulator are discussed 
here. Later different nonidealities present in the EA modulator is described and 
modeled in Matlab, Simulink. A second order EA modulator is designed using the 
proposed Simulink model and verified. 

Chapter 4 focuses the circuit implementation of the EA modulator, with an 
emphasis on low power optimization. Key trade-offs and challenges in the design 
of the transconductance amplifier, common-mode feedback network, sampling 
switches, biasing and digital circuits are discussed. 

Behavioral simulation results of an ideal and nonideal model of a third 
order 2-1 cascaded EA modulator are presented in Chapter 5. The transistor level 
simulation results are also described. Behavioral level simulations are done using 
Matlab, Simulink. Transistor level simulations are done using Tanner tools and 
Matlab. 

Conclusions from this work are given in Chapter 6. 
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Chapter 2 

Review of Sigma-Delta (SA) 

Modulators 


2.1 Introduction 

Modern electronics systems make extensive use of digital signal processing, 
but require analog-to-digital (A/D) and digital-to-analog (D/A) converters to 
interface to the real analog world. Sigma Delta (XA) modulators trade resolution in 
time for resolution in amplitude such that the use of imprecise analog circuits can 
be tolerated. Sigma-Delta Analog- Digital Converters (XAADC) have been known 
for nearly forty years, but only recently has the technology (high-density digital 
VLSI) existed to manufacture them as inexpensive monolithic integrated circuits. 
They are now used in many applications where a low-cost, low-bandwidth, low- 
power, high-resolution ADC is required [1][2][7][10][1 1]. 

This chapter reviews some of the hindamental issues of analog-to-digital 
conversion and EA modulation. The chapter begins with a discussion of the 
quantization noise of Nyquist rate converters and EA converters are made. Next 
section addresses various EA choices with an emphasis on topologies. A 
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comparison of discrete and continuous tinae SA modulators are discussed in the 
next section. Brief discussions on the metrics that are used to evaluate the 
performance of SA modulator are given. In the next section, different cascaded 
topologies used for EA modulators are discussed. Finally brief comparisons of 
single bit and multi-bit SA modulators are discussed. 

2.2 Quantization Noise 

2.2.1 Nyquist Rate Converters 

Quantization of amplitude refers to the “mapping” of a continuous 
amplitude signal to a finite number of discrete levels, is at the heart of all digital 
modulators. The difference between the original continuous amplitude and the 
new “mapped” value represents the quantization error. Figure 2.1 illustrates the 
quantization process. Qualitatively, it can be observed that the quantization error 
gets smaller as the number of discrete levels increases. The number of levels is in 
turn proportional to the resolution of the quantizer used in the ADC. Increasing 
the quantizer resolution will decrease the quantization error 12][14][15]. 



Figure 2. 1 Quantization Process 
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The error is a strong function of the input; however, if the input changes 
randomly betw^een samples by amounts comparable to or greater than the spacing 
ot the levels, then the error is largely uncorrelated from sample to sample aiad has 
equal probability of lying anywhere in the range of ± A/2 [1]. Further, if it is 
assumed that the error has statistical properties which are independent of the 
signal, the error can then be represented by a noise. 

The quantization noise is given by the mean-square value of the 
quantization error described above. Using a double-sided spectrum, the 
quantization noise is given by 

1 |<i/2 ^ 

^ L/2 ^ " 7^ (2.1) 

and is assumed to fall between -/s/2 said ^fs/1, where fs is the sampling frequency. 
In Nyquist rate converters, the sampling frequency is usually twice the signal 
bandwidth i.e. 

fs=^fBw (2-2) 

where is the signal bandwidth. 


222 Oversampled Converters 


Oversampled converters run at sampling frequencies greater than twice the 
signal bandwidth. From Eq (2.1), the quantization noise power is independent of 
the sampling rate. As such, the quantization noise power in oversampled converters 
is the same as that for Nyquist-rate converters, but is now distributed over a wider 
band, as shown in Figure 2.2 [2][15]. The in-band quantization noise is shown by 
the shaded region, and is given by 


p p/Bfr Z\ i. ^ 

^Oversampled /■ . 1 0 ^ 


C/bw a 1 

where M is oversampling ratio given by 

M = fsiVBw 


P P 

Q,Nyqt4ist 0, Nyquist 


M 


(2.3) 


(2.4) 
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Nyquist-rate 


Oversampled 


fs</^ 


-/ 


Figure 2.2 Quantization Noise Spectrum in Nyquist-rate and Oversampled 

Converters 


Increasing the sampling rate therefore reduces the quantization noise power 
by a fraction M, which is equal to the oversampling ratio. In the above figure /so 
and fsn represents the sampling frequency of Oversampled and Nyquist rate 
converters. The above analysis assumes that the quantization noise spectrum is 
white; however, this is not the case in practical systems. A complete modeling of 
the quantization noise as an additive white-noise source was performed in [15]. 

2 . 2.3 Sigma-Delta Converters 

Sigma-delta modulator employs negative feedback in addition to 
oversampling to further reduce the in-band quantization noise. Figure 2.3 (a) 
shows a basic first-order sigma delta modulator. Due to the negative feedback, the 
output Y will, on average, be force to equal the input signal X. By oversampling the 
input and then averaging the output, we can very accurately predict the input signal 
without the need for a high resolution quantizer. 
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Figure 2.3(a) Simplified Block Diagram 



Figure 2.3(b) Linearized Model 
Figure 2.3 First Order Sigma Delta Modulator 


The first-order sigma-delta modulator can be represented by the linearized 
model shown in Figure 2.3 (b). There are two important transfer functions that can 
be determined from Figure 2.3(b): the signal transfer function (STF) and the noise 
transfer function (NTF). Using simple feedback analysis, they are given by 


STF = 


X(z) 



1 + 


z 

1-z' 


(2.5) 


L^ = l-z-' (2.6) 

i.-A 

l-z~' 

Therefore, the STF is simply a unit delay. A signal that is input to the LA is 
passed through without any frequency distortion. The NTF, however, has a 
frequency-selective characteristic, shaping the additive white noise source, E(sd, 
with a high pass characteristic [1][15]. 
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Since the transfer function from the quantization error source to the output 
is given by (1-z the noise is shaped by a high-pass characteristic. This suppresses 
the in-band noise, as quantified by 


' OM 


rfmr 

•L/y,,. 


M ■' 


P 

Q,Nyquist ^ 

M' T 


(2.7) 


for M » 1 


The feedback loop at the heart of sigma-delta modulators is clearly a noise- 
shaping filter which attempts to cancel the in-band quantization noise by 
predicting the value of the noise. Higher-order modulators can better predict (and 
therefore cancel) the in-band quantization noise. A simple feedback theory analysis 
will show that the transfer function from the quantization noise source to the 
output is given by (l-z'"^)L, where L is the order of the sigma-delta modulator. 
This is given by the equation below. 


p = 


'Ibw 

fair 


' Q,Nyquist 

M 


(l-z-')V/ 


P 

Q,Nyquist ^ 


M 


21+1 


2Z + 1 


(2.8) 

for M » 1 


Below is a generalized equation for the in-band quantization in a L-order 
sigma-delta modulator. The dynamic range (with quantization noise being the only 
noise source) can be easily derived and is shown below. 

: 10 log 


DR 




-(2^' 

2 




2L+\ 


TT 


2L 


(2.9) 


where L is the order of modulator 
M is the oversampling ratio 
B is the resolution of quantizer 

It can be observed that the dynamic range can be increased by increasing 
the modulator order, the oversampling ratio, or the quantizer resolution. For every 
doubling of the oversampling ratio, the dynamic range increases by 3(2L+1) dB or 
(L+0.5) bits. 
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The disadvantage of using higher-order modulators (3rd-order or higher) is 
that the modulators may experience limit-cycle oscillations or instability. 
Techniques to overcome this problem are discussed in [1]. 

2.3 Loop Filter Topologies 


This section aims to review the fundamentals of sigma-delta loop filter 
design; the topologies presented here are not intended to be an exhaustive in 
nature; rather, they only represent a cross-section of common commercially- 
implemented filter designs today. The modulator order is determined by the 
number of integrator stages in the forward path. In each of the filter topology 
below, the transfer function from the quantization-noise source to the output will 
be presented [1][10]. 

Figure 2.4 illustrates the distributed feedback filter topology for a 4th-order 
modulator. The output Y(z) is fed back to each of the four integrators through gain 
stages, ai-a 4 . The quantization noise transfer fiinction, He(z), to the output is given 
by 






(z-l)"^ + a^(z-iy +^ 3 ( 2 -!)^ + a2(z~l)4-ai 


( 2 . 10 ) 


Note that all the zeros are at z = 1. In the frequency domain, this means the 
zeros are all at DC. The poles can be implemented using a Butterworth high-pass 
response for a maximally flat quantization noise spectrum at high frequency. 


ECz) 
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Figure 2.5 Frequency response of Feedback, Feedforward Summation 

Topologies 


An “inverted” form to the previous topology is shown in Figure 2.6. The 
output of each integrator is gained and then summed together before feeding into 
the quantizer. It can be easily shown that the quantization noise transfer function is 
identical to that for the Distributed Feedback structure, and is given by Eq. (2.8). 

An effective way of suppressing the in-band quantization noise is to 
spread the zeros over the signal bandwidth instead of placing them all at DC. This 
can be accomplished by adding local resonator feedback loops in either the 
distributed feedback or feedforward summation topologies. The resonators create 



Figure 2 . 8 Feedforward Summation T opology 

pairs of complex zeros which will allow the use of an Inverse Chebychev response. 
The distributed feedback topology using local resonators is shown in Figure 2.9 and 
its frequency response is shown in Figure 2. 10. 
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Figure 2.9 Distributed Feedback with Local Resonator Feedback 

Topology 



Figure 2.10 Frequency Response for Distributed Feedback Topology 
USING Local Resonators Feedback 


2.4 Sampled-Data VS. Continuous-Time 


Sigma-delta modulators can be implemented either as a sampled-data 
system or in the continuous-time domain. The primary difference is that sampled- 
data sigma-delta systems employ switched-capacitor integrators while continuous- 
time systems use active-RC iirtegrators in the modulators. There are a number of 
advantages and disadvantages associated with each option, as will be discussed 
below [ 1118][[14]. 

Switched-capacitor integrators take advantage of fine-line VLSI capabilities 
by eliminating the need for physical resistors. On-chip resistors with very high 
linearity are difficult to achieve in standard CMOS process. In addition, resistors in 
continuous-time integrators need to be kept small to minimize thermal noise. For 
the same time-constant, reducing the resistors implies that the feedback capacitors 
need to be increased. This may make the area prohibitively large and the capacitors 
impractical to realize on-chip. 

The frequency response of switched-capacitor integrators can be more 
accurately predicted because the time-constant is a function of capacitor ratios 
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(Cs/Ci) and of the sampling frequency [28]. The time-constant of continuous-time 
integrators, on the other hand, is a product of the resistor and the capacitor, and 
Slitters severely from process variations. The absolute value of on-chip poly resistors 
typically vary by 30% from the nominal/desired value, whereas capacitor ratios are 
usually better controlled (typical variation is only 1%). 




Figure 2. 1 1 : (a) Switched Capacitor Integrator (b) Continuous Time 

Integrator 


Another advantage of switched-capacitor sigma-delta systems is that they 
are less sensitive to clock jitter and to the manner in which the opamp settles [Ij. 
As long as the opamp settles to the required accuracy, it does not matter whether 
the opamp slews or linearly settles. Continuous-time integrators, however, must be 
linear at all times. 

Continuous-time systems have their share of advantages over sampled-data 
systems. Because the opamp in an active-RC integrator does not have to settle to 
full accuracy every half clock period, a very high oversampling ratio is achievable [Ij. 
The oversampling ratio in switched-capacitor integrators is limited by the 
achievable bandwidths of the opamps. This makes continuous-time sigma-delta 
modulators very appealing for high-speed applications. 

Finally, continuous-time systems eliminate the need for an anti-alias filter 
prior to the sigma-delta ADC. The anti-alias filter is needed in sampled-data 
systems to attenuate energies at multiples of the sampling frequency which may 
potentially fold down to baseband. The elimination of this filter results in 
significant power savings for the receiver. 
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Z 5 Performance Metrics 

This section defines the metrics used to evaluate EA modulator 
performance. The key requirements for a EA modulator are dynamic range, 
Nycyiiist rate, peak signal to noise ratio (SNR), peak signal to noise and distortion 
ratio (SNDR), which measure the degradation of the signal due to noise alone, and 
cine to combination of noise and distortion respectively [1][17][15]. 

Z5* 1 Peak SNR/SNDR and Dynamic Range 

Peak SNR, SNDR and dynamic range are related specifications and will be 
defined together. Dynamic range is the ratio in power between the maximum input 
signal level that the modulator can handle and the minimum detectable input 
signal. SNR is the ratio of the signal power at the output of the modulator to the 
noise power. SNR includes all noise sources in the modulator, both thermal and 
quantization. SNDR is the ratio of the signal power at the output of the modulator 
to the sum of the noise and harmonic distortion powers. Peak SNDR is a useful 
metric for evaluating the capability of a sigma-delta modulator for handing large in 
band signals at acceptable linearity and is especially important for applications such 
as digital audio. Note that peak SNDR is frequency dependent and can be used to 
measure the degradation of modulator performance as the input signal increases in 
frequency. 

Peak SNR, SNDR and dynamic range are typically reported using the type 
of plot shown in Fig. 2.12. The plot shows SNR and SNDR as a function of input 
signal power in dB relative to the full scale of the modulator. For small signal levels, 
distortion is not important implying that the SNR and SNDR are approximately 
equal. As the signal level increases, distortion degrades the modulator performance, 
and the SNDR will be less than the SNR. Dynamic range on the plot is the 
difference between the input level where the SNDR drops 3 dB beyond the peak 
and the x-intercept of the SNDR curve. 
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Figure 2.12 SNR and SNDR curves 


Z5.2 Effective Number OF Bits 

A closely related specification to dynamic range is the resolution of the 
modulator expressed in bits. Effective number of bits (N) gives an indication of 
how many bits would be required in an ideal quantizer to get the same performance 
as the converter. This number also includes the distortion components and can be 
calculated as 




SNDR^-1.76 

02 


( 2 . 11 ) 


2.5.3 NyquistRate 

The Nyquist rate is a measure of the speed of a sigma-delta modulator. The 
Nyquist sampling theorem states that to avoid aliasing, a low— pass signal must be 
sampled at a rate that is twice its bandwidth. As a result, specifying the Nyquist rate 
is equivalent to specifying the modulator input bandwidth. 
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Z 6 Cascaded Topologies 

By increasing the order of the SA modulators, results in stability problems 
and a reduction of the overload level. For single bit converters, the stability 
problem requires small coefficients resulting in a severe degradation of peak SNR 
compared to an ideal order ZA modulator. This effect significantly limits the 
benefits of increasing the order of the EA modulators. 

This problem can be overcome by employing cascaded topologies. This will 
allow the combination of a high order noise shaping with the intrinsic stability of a 
2”'^ order SA mociulator. The cascaded ZA modulator consists of several stages of 
low-order ZA modulators. Each stage converts the quantization error of the 
previous stage. By combining the digital outputs of all the stages with the proper 
transfer function in the digital domain, the quantization errors of all stages but the 
last one can be canceled. The only quantization error that remains visible at the 
output is the quantization noise of the last stage, which is shaped by the total 
number of integrator in the cascaded ZA modulators [2] [3]. 

Any single loop ZA modulator can be used as a stage of a cascaded ZA 
modulator. Only first and second order single loop ZA modulators are used, 
because they are more stable. One of the main advantages of a cascaded ZA 
modulator is that it can achieve high-order noise shaping while maintaining 
intrinsic stability. Therefore, third and higher order singe loop ZA modulators are 
not used since they are not unconditionally stable. 

First order modulator is not used as a first stage of cascaded ZA 
implementation because the output of a first order single loop modulator contains 
a lot of in-band tones. This is due to the fact that the input of the quantizer is not 
random, and results in a highly colored quantization error. However, a first order 
ZA loop can be used in subsequent stages of a cascaded modulator. Since the input 
of the first order stage now consists of the quantization error of the previous stage, 
the input of the quantizer of the first order loop will be randomized enough to get 
rid of the tones in the output spectrum. Hence most cascaded ZA implementation 


- 16 - 



Chapter 2 


Review of Sigma-Delta Modulators 


uses second order EA loop as its first stage. The performance of a cascaded 
modulator is more sensitive to imperfections of the analog components than that 
of the single loop modulator. 



Figure 2.13 The 2-1 Cascaded MASH Architecture 

A block diagram of the 2-1 cascaded MASH LA architecture is shown in 
Figure 2.13. It is a cascade of a second-order modulator followed by a first order 
mc)dulator coupled through an error mbcing network formed by (3 and X. The 
quantized output of which modulator is combined in a digital filtering network 
designed to cancel the quantizer error of the first stage. 

In this figure, I(z) represents the z transform of a delaying integrator, which 
ideally is 

/(z) = -iA (2.12) 

l-z-‘ 

and Q(u) represents a one-bit, or two-level quantization and is defined as 

— , w > 0 

Q(u) = <^ 

u<0 
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The value of b affects both the overload level of the modulator and the 
location and amplitude of spectral noise tones in the output [4]. The value of 
coefficient b is chosen to be 2.5, Each quantizer can be modeled as an effective 
linear gain plus an additive error term. 

QiMk)^G^^k-^k (2.14) 

where k is 1 for first stage and 2 for second stage. If D/A errors are neglected and it 
is assumed either that the quantizer has a linear gain term of unity i.e, Gi and G 2 
are equal to 1. The modulator outputs are : 

Y, (z) = z-^X{z) + (1 » z-^fE,{z) (2. 15) 

Y^{z) = z-‘X,(z) + (1 ~ z-^)E,{2) (2. 16) 

where E/z) and E 2 (z) are the z~transforms of the quantizer errors for the first and 
second stages respectively. The input to the second stage is 

X,Xz) = fS[{X-\)Y,{z)-^E,{z)^ (2.17) 

where X is the error mixing coefficient and p is the error gain coefficient. The 
overall output of the 2-1 architecture, Y(z), is given by 

Y{z) = H,{z)Y,{z)-H,{z)Y,Sz) (2.18) 

The digital filters H/z) and H 2 (z) are chosen such that the quantizer error of 
the first stage, E/z), is canceled. The transfer function of H/z) and H 2 (z) is given by 
//j(z) = z"'-a(l-z“‘)z"' (2.19) 

= ( 2 . 20 ) 

If higher order differen.ce terms are neglected, it follows from equations 
(2. 12) - (2.20), that the overall output Y(z) is 

Y{z)^z-^X{z) + {\-z-'f (a + l-i + -/-)^ - (2.21) 

Gz Gj p G2 _ 

where X(z) is the z transform of the modulator input, E,(z) and E 2 (z) are the z 
transforms of the quantizer errors, Gi and G 2 are the effective gains of the 
quantizers and a is chosen to cancel the first stage error term. Delays and higher 
order terms are neglected. 
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From equation (2.21) it is apparent that E 2 (z), is shaped by a third order 
difference similar to that of a third order single stage sigma delta modulator. With 
matching errors, some of the first stage error, Ei(z), appears at the output, and that 
error is shaped by a second order difference. For different values of b,j? and 2, there 
is a tradeoff between quantization noise and the input level at which the modulator 
overloads. The optimized values for these parameters are taken from [5] are b = 2.5, 
/? = 0.5 and X = 2.0. The choice of the appropriate error cancellation parameter a in 
equation (2.19) requires an estimate of the effective quantizer gain. Here we 
assumed that the value of a is 0.517 from [5]. 

21 SINGLE-BIT VS MULTl-BlT 

SA modulators employ single-bit quantizer or multi-bit quantizer. Single 
bit quantizer has only two levels where as multi-bit quantizer have multiple levels. 
Multi-bit DA modulators have better performance when compare to the single-bit 
EA modulators. This is due to the decrease of the step size of the quantizer, which 
leads to a lower quantization error. However, due to the stabilizing action of the 
multi-bit quantizer, a more aggressive noise shaping function can be used resulting 
in a better suppression of the quantization noise [1][15]. 

The accuracy of high-order topologies only benefits in combination with a 
large oversampling ratio, but multi-bit quantization offers an intrinsic 
improvement of the accuracy for all oversampling ratios. The multi-bit single loop 
topologies do not suffer from noise leakage. Therefore, the building block 
specification will be more relaxed than for a cascaded implementation. 

The main problem of multi-bit EA modulators is the linearity requirement 
imposed on the DAC in the feedback path. As the number of bits is increased the 
complexity of the implementation of the quantizer and the DAC also increases. 
While, a single-bit feedback DAC is inherently linear, the linearity of a multi-level 
is limited by component matching of its individual components, hence the 
complexity increases. 
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Z 8 Summary 

This chapter reviewed important concepts in the design of SA modulators. 
The benetits of ZA modulators as data converters were first presented, and were 
contrasted with conventional Nyquist rate converters. The concept of noise shaping 
ot a ZA modulator was discussed. Next, various options of filter design were 
investigated, with emphasis on strategies to suppress the in-band quantization 
noise by spreading the zeros over the signal bandwidth. This was followed by a 
discussion on sampled-data versus continuous-time implementations. Next, 
different metrics used to evaluate the performance of ZA modulators are 
discusseci. This was followed by a discussion on MASH or cascaded architecture. 
The chapter concluded with the comparison of single-bit and multi-bit ZA 
modulators. The implications and severity of the non-idealities will be presented in 
the next chapter. 
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3.1 Introduction 


Transferring the block diagram of the 2-1 architecture to a device-level 
description involves the design of circuits that implement summing integrators, 
comparators, and one-bit D/A converters. Circuit deficiencies such as finite speed, 
thermal noise, and finite signal swing limit the performance of the modulator. A 
significant problem in the design of SA modulators is the estimate of their 
performance, since they are mixed-signal nonlinear circuits. Due to the inherent 
nonlinearity of the SA modulator loop the optimization of the performance has to 
be carried out with the behavioral time-domain simulations. This becomes difficult 
for a high performance system. To satisfy high performance system requirements, 
accurate simulations of a number of non-idealities are to be considered. In the 
design of high-resolution switched-capacitor (SC) EA modulators, a large set of 
parameters, including the performance of building blocks, are to be optimized in 
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order to achieve the desired performance metrics like signal-to-noise ratio (SNR) 
and Dynamic range [1][15]. 

The first section in this chapter introduces the circuit blocks that compose a 
noise-differencing EA modulator, and these blocks are combined to produce a 2-1 
cascaded or MASH architecture. In the next section, the major non-idealities of 
SC EA modulators are described and the correspondent behavioral model blocks 
are then presented. Finally, a second-order sigma delta modulator using our 
proposed behavioral model is discussed and compared with the actual model 
presented in [12]. 

3.2 Modulator Building Blocks 

Typically the most important building blocks in the analog portion of a 
noise differencing sigma-delta modulator are the summing integrators. These 
integrator circuits are normally designed to implement the block diagram shown in 
Figure 3.1 [10][15]. 



I 

I 

Figure 3 . 1 Integrator Block Diagram 

The output of this integrator, u; is a delayed integration of a weighted sum 
of inputs, Vi. In the time domain, the output is 

w((n + l)Ts ) = w(fjTs)+J^a„v„(nTO (3.1) 
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where Ts is the sampling period. The output can also be written in the z-transform 
domain as 

= + (3.2) 

^ ^ m 

where Vi(z) and W(z) are the z-transform ofvj and w, respectively. 

The remaining building blocks in the analog portion of the modulator are 
comparators and one bit D/A converters. The comparator circuits act as a one bit 
A/D converter, they map their inputs to two digital output codes. These two digital 
output codes are then mapped back into analog levels by the D/A converters. For 
simplicity, let the two output codes of the comparators be defined as ±1/2. With 
this definition, the comparators can be described by the quantization function Q(x) 
defined in Eq. 2.13 and the D/A converters, neglecting D/A errors, can be 
represented simply by gain blocks. 

By combining three summing integrators with two comparators and two 
one bit D/A converters, 2-1 architecture can be constructed as shown in Figure 
3.2. The D/A converters are represented by the gain blocks Ai and A 2 . Since ideally 
the gain at the input of a comparator is irrelevant, this system produces outputs 
identical to those in the 2-1 architecture depicted in Figure 2.13, provided that 14] 



Figure 3.2 Ideal 2- 1 MASH EA modulator architecutre 
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b = 


_ ^/2 


Of, a, 2 


(3.3) 

(3.4) 




^fl^i2^u3 Aj 
^/3 A 2 


(3.5) 


A = - 


^f\^i2^u3 


(3.6) 


where I(z) is given by Eq. (2.12). While Figure 3.2 shows the basic form of the 
implementation of a 2-1 architecture, real analog circuit blocks (do not precisely 
perform their ideal function. The reminder of this chapter discusses of studying the 
effect of non-idealities in the modulator building blocks and how this can be 
implemented in Matlab, Simulink [30], to determine the circuit topologies that best 
meet the performance requirements of the modulator. 


3.3 HA Modulator Nonidealities 

This section focuses on various circuit imperfections which can degrade the 
performance of the SA modulator. Both Switched-capacitor and continuous time 
integrators have been used in the design of high-resolution modulators. The 
advantages of using sampled data modulator over continuous modulator are 
discussed in section 2.4. So, we considered a SC SA modulator in this section. The 
most significant non-idealities are modeled in this section [12]. 

To understand the affects of different non- idealities on the performance of 
a 2A modulator, we considered a first-order SC SA modulator which is shown in 
Figure 3.3. The modulator consists of an input sampler, a SC integrator, a 
quantizer and a feedback D/A converter. The non- idealities which we considered 
are clock jitter at the input sampler, thermal noise by switches in SC integrator and 
operational amplifier non-idealities like noise, finite DC gain, bandwidth, slew rate 
and saturation voltages. 
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Figure 3.3 Schematic of an SC first-order SA Modulator 

3 . 3.1 ClockJitter 

The operation of an SC circuit depends on complete charge transfers 
during each of the clock phases. Once the analog signal has been sampled, the SC 
circuit is a sampled -data system where variations of the clock period have no direct 
effect on the circuit performance. If the on-chip sampling circuitry is ideal, the 
sampling operation introduces errors due to the impurity of the external sampling 
clock. The jitter of the clock signal changes the time at which the sample is taken 
and therefore introduces errors. Therefore, the effect of clock jitter on an SC 
circuit is completely described by computing its effect on the sampling of the input 
signal [15][10]. 

Clock jitter results in a non-uniform sampling time sequence, and 
produces an error which increases the total error power at the quantizer output. 
Figure 3.3 shows a SC integrator. During clock phase the input signal is 
sampled on the sampling capacitance Cs and clock-jitter influences the sampled 
voltage. During clock phase 02^ a charge transfer takes place from Cs to Cp to 
perform the integration function. Since the settling error of this charge transfer has 
to be very small in order not to degrade the performance of the SA modulator. The 
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magnitude of this error is a function of both the statistical properties of the jitter 
and the modulator input signal 

When a sinusoidal input signal with amplitude Aj and frequency C ts 
applied to the sampling block, the error due to the clock-jitter is given by 


Av, = v,Kv + Ar)-v,(/27;)« 2;r^4 cosi27rf,^nT,)AT = AT-vXnT,) (3.7) 

at 

where AT is the uncertainty of the sampling instance, Ts is the sampling period and 
nT^ is the ideal sampling moment. The sampling frequency /s equals l/Ts- When 
the sampling uncertainty AT is assumed to be uncorrelated Gaussian random 
process with a standard deviation of ^tid a mean value of zero, the sampling 
error has a white spectrum with a bandwidth of. Hence the resultant error has 
uniform power spectral density (PSD) from 0 to /s/2, with a total power given by 


^ Av = 




Ar 


(3.8) 


Since the sampling error has a white spectrum and a SA modulator is 
oversampled, only a part of the sampling error will fall inside the signal band. The 
in-band power of the sampling error is given by 


N 


^ AfsAf 


M 


jUler 


OSR 


OSR^ 


(3.9) 



Figure 3.4 Sampling Jitter Model 
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The SNR is given by Eq, 3.10 which improves by the third power of the 
oversampling ratio (OSR). 


SNR 


'jiner 


{OSRf 


(3.10) 


The behavioral model of the above non-ideality is shown in Figure 3.4, 
which implements the Eq. (3.7) in Matlab SIMULINK [30]. The input signal vfy) 
and its derivative (du/dt) are continuous-time signals. They are sampled with 
sampling period of Ts by a zero-order hold. Above we assumed that sampling 
uncertainty is a Gaussian random process with a standard deviation of This 
can be implemented by using a random number sequence source with Gaussian 
distribution having zero mean and unity standard deviation. In the Figure 3.4, the 
random number generator, zero order hold circuit and the gain block delta 
introduces the sampling uncertainty. Hence the total error power will be reduced 
by the OSR as shown Eq. (3.9) and (3.10). 


3 * 3.2 Thermal Noise of Sampling Switches 

The most important noise sources affecting the operation of an SC EA 
modulator are the thermal noise associated to the sampling switches and the 
intrinsic noise of the operational amplifiers [15]. 

Thermal noise is caused by the random fluctuation of carriers due to 
thermal energy and is present even at equilibrium. Thermal noise has a white 
spectrum and wideband, limited only by the time constant of the switched 
capacitors or the bandwidth of the operational amplifiers. Considering the Figure 
3.4, the sampling capacitor Cs is in series with finite resistance R^n of a sampling 
switch periodically opens and samples a noise voltage onto Cs. The resistance Ron is 
depends on the type of switch. If NMOS transistor is used as a switch, then Ron is 
given by Eq. (3.11) , for PMOS transistor Ron is given by Eq. (3.12) and for CMOS 
transistor Ron is given by Eq. (3.13) 
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UJ 



--{^o-Vi-p) 


(3.11) 


(3.12) 


K. 


^onCMO,={Ror,NllKnp) (3.13) 

Hence the switch can be modeled as a resistor having a noise source in 
series with a power source equal to the Johnson noise 4kTR„„A/. The total noise 
power can be found by evaluating the integral [10] 




^kTR 




(3.14) 


\^{2rcfRo„C,f ^ Q 
where k is the Boltzmann’s constant, T is the absolute temperature. From the Eq. 
(3.14), we note that the thermal noise is generated by the resistor but the noise 
power depends only on the capacitor. The switch thermal noise voltage ej is then 
superimposed to the input voltage x(t) leading to 

y(0 = W0+^r(0]^ 


x(t) + ^ 


c, 


-«(/) 


(3.15) 


kT 


bCj 


-nit) 


where n(t) denotes a Gaussian random process with unity standard deviation, while 
b=C^Cf is the coefficient of the integrator. 

The implementation of thermal noise non-ideality given in Eq. (3.15) using 
Simulink is shown in Figure 3.5. In this model shown in Figure 3.5 the Gain input 
is the integrator coefficient h and the fiinction f(u) evaluates the Cj which given in 
Eq. (3.14). The integrators of an SC SA modulator may include more than one SC 
input branch, each contributing to the total noise power. For each input branch of 
the SC summing integrator we should modeled with a separate IcT/C noise block, 
including the proper gain input coefficient b. 
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K(t) 


Figure 3.5 Modeling Switches Thermal Noise (kT/C) 


3,3.3 Operational Amplifier Noise 

The block diagram of an ideal integrator is shown in Figure 3.6. The ?- 
domain transfer function of the integrator shown in Figure 3.3 is given by 
C. , 




C , l - 


■ = b - 


l-z 


-1 


(3.16) 


I® 



Unit 


Figure 3 .6 Ideal Integrator 

Two main sources of noise in switched-capacitor integrator are thermal 
noise from the amplifier and switches, and flicker noise from the operational 
amplifier. Here we neglected the effect of flicker noise (1/f) on the circuit. The 
noise appearing at the output of a SC circuit is due to the two different 
propagation methods, direct broad band noise and sample-hold noise. The direct 
broad band noise is due to the noise sources with direct coupling to the output 
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during at least one clock phase. The sampled noise component is due to the 
sampling of the direct broadband noise on the sampling capacitance at the end of 
the sampling and integration phase. Since the bandwidth of the broadband is much 
larger than the sampling frequency, noise aliasing takes places during the sample 
operation. Due to this, the flicker or 1/f noise will be submerged by this aliased 
broadband noise. Therefore, the flicker noise is neglected in our analysis 1 10]. 

The noise generated by the switches can be represented by a white noise 
source with a power spectral density of 4lcTR-, and 4lcTR2 for the switches during 
sampling and integration phase, respectively. The noise of a reference voltage can 
also be represented by an equivalent hypothetical resistor Rvre/- This results in a 
power spectral density of 4/cTRvr,.f- Finally, the noise of the operational amplifier can 
be represented as 

(3.17) 

where g,„ is the operational amplifier transconductance and y is the noise excess 
factor of the amplifier, which is given by the ratio of the equivalent input noise of 
the amplifier to the noise of the input transistor. 



Number Hold 

Figure 3.7 Op-Amp Noise Block 

Simulink model for the operational amplifier noise block is shown in Figure 3.7. In 
the above diagram V„ represents the rms noise voltage of the operational amplifier 
referred to the integrator output. Figure 3.8, shows the complete Simulink model 
of a noisy integrator, while considering both the thermal noises due to the 
sampling switches and due to the operational amplifier. 


- 30 - 






Chapter 3 


Modulator Design 



Figure 3.8 Noisy Integrator model 


3.3.4 Operational Amplifier Non~idealities 

The transfer function of the ideal integrator is given in Eq. (2.12). The 
behavioral model of an ideal integrator is shown in Figure 3.6. Analog circuit 
implementation of the integrator deviates from this ideal behavior due to several 
nonideal effects. One of the major causes of performance degradation of SC DA 
modulators is the incomplete transfer of charge in the SC integrators. Due to the 
influence of several nonidealities, the performance of a practical implementation of 
a ZA modulator can be significantly worse than the values predicted by the 
simulations of ideal ZA modulators in section 3.2. This nonideal effect is a 
consequence of the operational amplifier nonidealities, namely finite gain and 
bandwidth, slew rate and saturation voltages [10]. 

3.3 A 1 DC Gain 

The DC gain of the ideal integrator is infinite as given in Eq. (2.12). In 
practice, the actual gain is limited by the operational amplifier open loop gain A. 
Due to this, a fraction of the previous output of the integrator is added to each new 
input sample. The limited dc gain of the integrator increases the in-band noise. 
Considering the SC integrator shown in Figure 3.3, the operational amplifier can 
be represented as a voltage controlled voltage source with gain A. By applying the 
principles of charge conservation and KirchofPs laws and combining the equations 
for the sampling and integration phase, the output of the integrator at the end of 
the sampling phase can be calculated as 
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Hiz) 


C, 


p^z 


c, 


, Px 


(3.18) 


where pi and p 2 are the closed loop static errors during the sampling and the 
integration phase and they are given by 



(3.19) 

Pi= 

(3.20) 


(3.21) 

f 

(3.22) 

where /.i,.-, 'and are the capacitive feedback factors during the sampling and 

integration phase respectively. Here we neglected the parasitic capacitances of the 

amplifier. Substituting the equations (3.19) to (3.22) 

in Eq. (3.18), the transfer 

function can be written as 


\-az 

(3.23) 

where, 


AC, 

^ S ^ ^SR 

(3.24) 

The DC gain of the integrator now becomes 


1 (X ^SR 

(3.25) 


In practical implementation of an amplifier, the gain is not the same for all values 
of the output voltage. Hence a higher value of gain is necessary to reduce the 
distortion caused by this effect. The Simulink model of this nonideality is shown in 
Figure 3.9. The integrator part in this figure shows the implementation of Eq. 
(3.23), where the gain block in the feedback loop is equal toa. 
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Figure 3.9 Real Integrator Model 


3 . 3 . 4.2 Bandwidth and Slew Rate 

Another important nonideal effect in the SC integrators is the slewing of 
the amplifier. Finite BW and slew rate (SR) in SC circuits lead to a nonideal 
transient response within each clock cycle, thus producing an incomplete or 
inaccurate charge transfer to the output at the end of the integration period. 
Incomplete settling of the integrator outputs due to finite bandwidth of operational 
amplifiers translates into an equivalent gain error as long as the settling process is 
linear. Considering the integrator shown in Figure 3.3, whose transient response 
during each sampling period is characterized by a single-pole exponential given by 
= (3.26) 


where, Tj is the sampling period and x is the settling time constant, which is given 
by 


1 

^ “ 2^GBfV 


(3.27) 


where, GBW is the unity gain bandwidth product. 

In the n* integration period ^2 is on, between (nTj - 7/2) and (nTs). The 
evolution of the output node during this integration period is given by 

v«(0 = v/wT; - r^) + aVs (1 (3-28) 


where, Vs= Vi„(nTs - 7/2), a is the integrator leakage which is given in Eq.(3.24). 
The slope of the curve reaches its maximum value when t=0, resulting in 




r 


(3.29) 
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It the value specified in Eq. (3,29) is lower than the operational amplifier 
SR, then no SR limitation appears and the evolution of is described by Eq. 
(3.28) during the whole clock period (until t=Ts/2). 

It the value specified by Eq. (3.29) is larger than SR, then the operational 
amplitier is in slewing. Therefore, the first part of transient of is linear with slope 
SR for (t<to). Then the output equations for this condition are given by 












l-e ^ 




(3.30) 

(3.31) 


Imposing the coitdition for the continuity of the derivatives of Eq.’s (3.30) 
and (3.3 1) in to, we obtain 




0 


SR 


~T 


For to> Ts/2, the output voltage is given in Eq. (3.30) holds for the whole 
clock period. 

In the Simulink model shown in Figure 3.9, the Matlab function block 
implements the above equations to calculate the value reached by v,(t) at time Ts, 
which will be different from Vs due to the gain, BW and SR limitations of the 
operational amplifier. The SR and BW limitations produce harmonic distortion 
reducing the total SNR of the £A modulator. 

3 . 3 . 4.3 Saturation Voltages 

The saturation voltages of the operational amplifier have impact on the 
output signal of the SC integrator. The dynamic range of signals in a lA modulator 
is a major concern. It is therefore important to take into account the saturation 
levels of the operational amplifier. This is implemented in Simulink using a 
saturation block inside the feedback loop of the integrator as shown in Figure 3.9. 
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3.4 Improvements to Behavioral Model 
3.4. 1 Op-Amp DC Gain 


In the above explained behavioral model, while modeling the operational 
amplitier finite DC gain, we are taken an assumption that parasitic capacitances of 
the amplifier when compare to the sampling capacitances Cs, Csr and Cp- In 
practical, the intrinsic capacitances have comparable values with respect to the 
sampling capacitances [15]. 

Consider the SC integrator shown in Figure 3.3, let the parasitic 
capacitances of the amplifier be Cp and Cp at input and output pins of the 
amplitier, respectively. The transfer function of the integrator is same as in Eq. 
(3.18) but the values of /?, and p 2 changes due to the feedback factors given by 


f = ^1-' 

" C, + C, 

f. =—^I— 

C^ + C,^ + Cp + Cp 

and the value of a is approximately given by 

^(Cp.+Cp) 

/((Cp.+Cp) + C, + C,« 


(3.32) 

(3.33) 


(3.34) 


In the Simulink model of the integrator block the value of the gain block is 
to be changed with the value of a given in Eq. (3.34). 

3.4.2 Saturation Voltages 


In the implementation of the higher order EA modulators, only the 
nonidealities of the first integrator are considered since their effects are not 
attenuated by the noise shaping. Other are implemented using ideal blocks. In 
[12], they had implemented a second order EA modulator. They considered the 
second integrator as an ideal integrator shown in Figure 3.6. While doing 
simulations we found that the output of the second integrator has no bound limits. 
To overcome this problem, we introduced a saturation block in the ideal integrator 
model as shown in Figure 3.10. The results of this model are discussed in the next 
section. 
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Figure 3.10 Ideal Integrator Block with Saturation Limits 
as Second Order ZA Modulator 

By using the above behavioral model, a second order EA modulator is 
implemented. The block diagram for the second order EA modulator is shown in 
Figure .5.11. The design parameters used for the simulations is shown in Table 3.1. 


Sampling Jitter Vin 



Table 3.2 compares the SNR obtained from the model given in [12], with 
our improved model. Measurement results of the integrated prototype second order 
modulator is also mentioned in this table. From this table, it can be easily shown 
that our behavioral model is getting results almost nearer to the practical values. 
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Parameter 

Value 

Signal Bandwidth (BW) 

100 Hz 

Sampling Frequency (fs) 

50 KHz 

Oversampling Ratio (R) 

250 

Number of samples considered (N) 

65536 

Integrator Coefficients ' 

b = ^2 "" 0-5 


Table 3 . 1 Design Parameters of the Second-Order 


Low-pass I a Modulator Model 



Ideal 

Modulator 

Behavioral Model 
proposed in [12] 

Our Model 

Practical 
Results [12] 

SNR (dB) 

99.1 

91.6 

90.7 

90.2 

Resolution 

(bits) 

16.17 

14.94 

14.8 

14.69 


Table 3.2 Comparison of ideal and non -ideal 


SECOND- order SA MODULATOR 

The value of sampling capacitance used in simulation is 2,5pF and parasitic 
capacitance value is O.SpF. The SR and BW values used in the simulation are 
4 V//Z 5 and 1 L25 MHz- Saturation voltage of the integrator is 1.5 V. The gain of the 
amplifier is taken as 60 dB. The input referred operational amplifier noise is given 
as 73 /i Virus’ The value of the sampling uncertainty is taken as 16 ns. Table 3.3 
compares the SNDR obtained from the simulation of the model proposed in [12], 


with our improved model, when one single nonideality is considered. 


EA Modulator Parameter 

SNRfdBJol 
Model [12] 

SNR [dB] of our 
model 

Sampling Jitter 

98.8 

98.45 

Switches Thermal Noise 

94.0 

93.24 

I/P-referred op-amp Noise 

94.8 

93.74 

Finite DC gain 

98.9 

96.8 

Finite Bandwidth 

99.1 

97.69 

Slew Rate 

99.1 

97.69 

Saturation Voltages 

99.1 

97.69 


Table 3 .3 Comparison of SNR with our Proposed Model 
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3.6 Summary 

This chapter reviews the different nonidealities that affects the performance 
of the LA modulator and developed a behavioral model which takes account of 
most of the nonidealities. Modulator building blocks and the signal scaling for the 
building blocks are first presented. The different nonideal parameters and their 
effect on the LA modulator are discussed. Their behavioral model implementation 
using Matlab, Simulink tool is presented. The effect of parasitic capacitance is 
discussed and its implementation using Simulink is presented. Finally, a second- 
order LA modulator is taken and compared the SNR of our proposed model with 
the model given in [12], taking several non-idealities is presented. 
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SC Integrator and 
Amplifier Design 


4.1 Introduction 

Switched-capacitor (SC) integrators are the key circuit building block in a 
sigma-delta modulator. This chapter explores design tradeoffs and power- 
optimization strategies for key circuit blocks which are at the heart of the sigma- 
delta (EA) modulator. These include switched-capacitor integrators, operational 
transconductance amplifiers (OTA), bias networks, comparators, digital output 
buffers, and two-phase clock generation circuitry. From the circuit level 
specification, choice of operational amplifier topology is investigated. Once the 
amplifier topology is fixed, quantities such as dc gain, settling time, thermal noise 
and slew rate may be analyzed. 

This chapter begins with the basic operation of a ffilly differential SC 
integrator. Next section addresses different operational amplifier topologies that are 
used in the designing of the SC integrator. In the next section, a fully differential 
telescopic cascade operational amplifier and its parameters are analyzed. Finally, the 
design of comparator, two phase clock generator and output buffer are discussed. 
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4.2 Integrator Design 


Differential implementation of an integrator has several advantages when 
compare to the single ended design. The clock feedthrough and charge injection of 
the switches cancels better since these errors are considered as a common mode 
signal- The settling improves since the extra pole due to differential to single ended 
conversion in the OTA is avoided. A differential implementation significantly 
reduces even order harmonic distortion components due to the symmetry and 
offers a better power supply rejection ratio. The main draw back for differential 
circuits is the requirement for a common mode feedback. In SC integrator, this can 
be implemented by dynamic common mode feedback circuit which has a negligible 
power consumption and area overhead. 

The 2-1 cascaded EA modulator architecture comprises three SC 
integrators. Figure 4T illustrates the first integrator in the cascade. The integrator is 
implemented in a fully-differential configuration and employs a two-phase non- 
overlapping clock, the latter of which is shown in Figure 4.2. The input is sampled 
ciuring phase 1 (Oi and During phase 2, the charge is transferred from the 
sampling capacitors (Csand C^t) to the integrating capacitor (Cp). At the same time, 
depending on the output value, the appropriate DAC reference level is applied by 
closing either switches labeled <l) 2 di or <l> 2 d 2 * 

The integrator employs the bottom-plate sampling technique to minimize 
signal dependent charge -injection [6],[7],18],[9]. This is achieved through delayed 
clocks: Old, ® 2 di and 02d2- When switches labeled, Oi are first turned off, the charge 
injection from those switches remains, to a first order, independent of the input 
signal. Because one of plates is now floating, turning off switches labeled Oid 
shortly after does not introduce charge-injection errors. 

The general transfer function for the standard SC integrator shown in 
Figure 4.1, is given by 


V 

^(z) = 

V 

^ m 


l-^“* 


(4.1) 
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Figure 4. 1 Fully Differential Switched Capacitor Integrator 



Figure 4.2 Two-Phase Non-Overlap Clock 

The DAC feedback path is created by the switches connected to Vref+ and 
Vref_. Their switch control signals (<I>2di and <I>2d2) ate cross coupled in order to 
appropriate sample the differential DAC signal through Cref- 

4.2.1 Switches 

Linearity is an important factor in the design of the switches. From Figure 
4 . 3 , it is desirable to operate in a region where the on resistance of the switch is 
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independent of the input voltage. The switches used in the integrator are 
implemented with complementary MOS devices because the DC voltages are biased 
at mid-supply. Alternatively, gate boasting techniques using charge pumps may be 
employed to keep a constant on resistance [6], [8]; however the process for which 
this experimental prototype is designed does not permit voltages above Vdd- 



Figure 4.3 Switch On-Resistance as a function of Input V outage 


In CMOS switches, the sizing of the NMOS and PMOS devices is critical. 
The parallel combination of the NMOS and PMOS devices yields an effective 
resistance given by Eq. (3. 13), can be written as 


R 


■onCMOS 




\L j 


( ^GSN ^TN 


f 


-1 


OX 




(^SGP 1 ^ 7 ? |) 


(4.2) 


For linearity reasons, the input switches, labeled €)ia, €> 2 di and Ozaz in Figure 
4.1, should be designed for equal impedances. This means the PMOS should be 
made larger than the NMOS by a factor equal to the ratio as shown below. 



(4.3) 


The bottom-plate switches, labeled Oi and O 2 in Figure 4.1, should be 
designed for a first-order cancellation of charge-injection errors. The error is given 
by 
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— ^Qchan )// P 

2’ C, 2* Q 


(4.4) 


For a partial cancellation of charge -injection error, the NMOS and PMOS devices 
should be designed to have equal sizes. 




(4.5) 


The fully-differential configuration of the integrator further mitigates the 
effects of signal-dependent charge injection. In addition to sizing the switches for 
linearity and charge -injection reasons, the sampling network also needs to be 
designed for sufficient bandwidth. Increasing the switch sizes decreases the 
resistance but increases the parasitic capacitance of the network. An optimum value 
of the switch size which yields a minimum R-C time constant can be determined. 


422 Sampling and Integrating Capacitors 

The sizes of the sampling and integrating capacitors are dictated by the 
noise requirements [7], [8], [9]. The ideal input-referred thermal noise of the 
integrator is given by 



(4.6) 


Ideally, during phase 1, a noise sample with variance 2/cT/Cs ( kT/Cs on 
each of the differential path) is captured across the sampling capacitors when the 
switches labeled are open. Another 2/cT/Cs is sampled across the sampling 
capacitors during phase 2. However, because of nonideal effects described below, 
the total input-referred noise will be larger than that predicted by Eq, (4.6). 

The switches labeled Oj are not driven by an ideal input voltage source; 
rather, it is driven by a buffer stage in the preceding baseband filter, as shown in 
Figure 4.4(a). The simplified noise model is shown in Figure 4.4(b). The noise 
sampled across Cs during <l>i is therefore given by 
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(a) 


Rput 4kl i^n^i 

-m — 0 


T/ - 4kTRMAf I 


(b) 


(switch) 


1 

T 


Figure 4.4 (a) Filter-to-ADC interface (b) Noise-model during phase 1 

1 


^ Nicieal,^l 


■AkTiR^ + RJAf 




(4.7) 


R^ ® - 


1 


where, 


R„. 


^ Sm, buffer 

1 


(4.8) 


S m, buffer 

Because the noise resistance and output resistance of the buffer driving the 
sampling network are not the same, the result does not yield a simple JcT/C value. 
Reorganizing the Eq. (4.7), the total input-referred noise power can be written as 

1 


■^oni ^on 


^ + Kr,)Os 


(4.9) 


^om + ^on Q 
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During phase 2, due to thermal noise from the operational 
transconductance amplifier (OTA), when the switches labeled O 2 are open, then 
the noise captured across Cs can be greater than 2kT/Cs^ The OTA in-band flicker 
noise, when referred to the input of the integrator, simply adds on to the total 
input-referred noise power. 

It is interesting to note that although the noise power is doubled in 
differeritial architectures, the input signal power is quadrupled. This results in a net 
gain of 3dB in dynamic range. Moreover, flilly-differential integrators are more 
immune toward power-supply, common-mode and substrate-coupled noise. 

DR = -^ (4.10) 

^Noise 

Because of noise shaping, later integrators will have relaxed noise 
requirements. This suggests that the capacitors in later integrators in the cascade 
will be selected based on parasitic considerations rather than noise. 


4.3 Operational Amplifier Topology Selection 

The operational amplifier requirements are most stringent for the first 
integrator in the cascade. Leak of first stage quantization noise demands an 
operational amplifier topology with dc gain of greater than 1000. This corresponds 
to a gain on the order of (gmto)^ and requires the use of a two-stage or three-stage 
nested-Miller amplifier. The amplifier must be able to settle fast at higher clock 
rates. This precludes the use of nested-Miller topologies which are significantly 
slower than two-stage amplifiers [10],[13],[17]. Amplifier thermal noise and kT/C 
noise must be small enough to achieve 14-bit resolution. The amplifier must also 
have adequate output swing. Output swing favors topologies with a common source 
second stage. 

4,3. 1 Candidate Operational Amplifier Topologies 

Any two-stage amplifier with common source second stage and cascoded 
first stage can meet the specifications discussed in the previous section. Four 
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candidate topologies are shown in Figure 4.5 - Figure 4.8. The topologies differ in 
the type of compensation employed either standard Miller [6], [16] or cascode 
compensation [17], [18], [19]. The topologies also differ in whether the first stage of 
the amplifier is a folded -cascode or telescopic topology. If the first stage is a 
telescopic topology, then the common-mode voltage at the output of the first stage 
is not the same as the dc bias point required at the second stage input. As a result, a 
switched-capacitor dynamic level-shift is provided between the two stages of the 
amplifier in Figure 4.6 to independently set the first stage output common-mode 
level and second stage input dc bias. The level-shift is biased in identical manner to 
a switched-capacitor common mode feedback circuit. In Figure 4.8, the second 
stage is made fully differential instead of a quasi-differential common source stage 
for a number of reasons. Having a tail-current device eliminates the need for a 
power-hungry inversion stage for the common-mode feedback amplifier. The 
fully-differential second stage amplifier also eliminates the need for a dynamic level 
shift between the output of the first stage and the input of the second stage [18]. In 
addition, this fully-differential topology improves the power-supply rejection ratio 
(PSRR) and the common-mode rejection ratio (CMRR). 



Figure 4.5 Two Stage Folded cascode OTA with Miller Compensation 
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Figure 4.7 Two Stage Folded cascode OTA with Cascode Compensation 

4.3.2 Low-Power Operational Amplifier Characteristics 

The objective is to select the lowest power operational amplifier topology 
from the candidates in Figure 4.5-Figure 4.8 by investigating desirable 
characteristics for low - power operation. Such desirable characteristics are: 
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VoD 



1) minimum number of current legs, 2) minimum number of devices which 
contribute significant thermal noise, 3) all NMOS signal path for maximum speed, 
and 4) a maximum bandwidth compensation loop [1 1]. 

Since minimizing power dissipation amounts to minimizing the static bias 
current, one obvious approach is to minimize the number of current legs in an 
amplifier. For a fixed settling constraint and compensation scheme in the candidate 
two-stage amplifiers, an amplifier with fewer current legs will be lower power than 
an amplifier with more current legs. For a fully-differential two-stage amplifier, the 
minimum number of current legs is four. The amplifiers in Figure 4.6 and Figure 
4.8 with telescopic first stage meet this constraint. Folding the first stage of the 
amplifier as in Figure 4.5 and Figure 4.7 increases the number of current legs to six. 
Thus, minimizing the number of current legs favors topologies with a telescopic 
front-end. 
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Since power and noise directly trade off, minimizing the number of devices 
in the amplifier which contribute thermal noise will reduce power dissipation. In a 
properly designed two-stage amplifier, thermal noise will be dominated by the first 
stage of the amplifier since the second stage noise will be attenuated by the first 
stage gain when referred to the input. For the telescopic first stage amplifiers in 
Figure 4.6 and Figure 4.8, four devices (Ml, M2, M7 and M8) contribute 
significant amplifier thermal noise. This corresponds to an input device and active 
load device for each side of the fully- differential amplifier, the minimum number 
of devices for such a topology. The folded-cascode input stage topologies in Figure 
4.5 and Figure 4.7 have six devices (Ml, M2, M3, M4, M9 and MIO) which 
contribute significant amplifier thermal noise. As a result, the topologies with 
telescopic first stage minimize the number of devices which contribute significant 
amplifier thermal noise. 

NMOS devices are approximately 3 X faster than PMOS devices due to the 
difference between the mobilities of electrons and holes. As a result, amplifiers with 
all NMOS signal paths will be higher speed than amplifiers with PMOS devices in 
the signal path. Since speed and power directly trade off, a higher speed amplifier 
will dissipate less power for a fixed settling constraint. The telescopic first stage 
amplifiers in Figure 4.6 and Figure 4.8 have all NMOS devices (M 1, M2, M3, M4, 
M9 and MIO) in their signal paths while the folded-cascode input stage amplifiers 
in Figure 4.5 and Figure 4.7 have PMOS input devices. Note that the amplifiers 
with PMOS inputs will have the advantage of reduced 1/ f noise which is especially 
important for low— frequency applications. Thus, the higher-speed of the telescopic 
cascaded amplifiers will result in a lower power solution. 

Some form of compensation is required to maintain stability in a two-stage 
amplifier placed inside the feedback loop of a switched-capacitor integrator. The 
standard Miller compensation scheme places a pole-splitting capacitor between the 
output of the overall amplifier and the output of the first stage of the amplifier as 
shown in Figure 4.5 and Figure 4.6. This has the effect of creating a dominant low 
frequency pole and moving the second pole to a higher frequency which will ensure 
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amplifier stability when it is placed in a feedback loop. On the other hand, the 
cascode compensation scheme shown in Figure 4.7 and Figure 4.8 creates a 
dominant pole and two complex poles at higher frequency by placing a 
compensation capacitor between the amplifier output and first stage cascode node. 
This will also ensure amplifier stability when it is placed in a feedback loop. While 
both compensation schemes ensure stability, the cascode compensation scheme 
increases the speed of the amplifier as compared to the conventional Miller 
compensation scheme [20]. Since higher speed amplifier topologies will achieve 
lower power dissipation under a fixed settling constraint, the cascode compensation 
scheme is preferred. 

43,3 OTA FOR THE 2-1 Cascade Sigma-Delta Modulator 

The amplifier topology in Figure 4.8 with telescopic front-end and cascode 
compensation is the best of the candidate topologies in Section 4.3.2 from a power 
dissipation perspective. This topology satisfies the four desirable characteristics for 
low-power operation: minimum number of current legs, minimum number of 
noise contributing devices, all NMOS signal path, and maximum bandwidth 
compensation loop. However, the relaxed 1/f noise constraints due to the 320 kHz 
baseband bandwidth of the 2—1 cascade modulator can be met with NMOS input 
amplifiers [17], [15]. As a result, the operational amplifier in Figure 4.8 was selected 
for use in the 2-1 cascade sigma-delta modulator. 

4.4 Ampliher Design and Power Optimization 

This section develops design procedures and power-optimization strategies 
for the operational amplifier topology in Figure 4.8. The approach is to provide 
design equations which illustrate trade-offs when picking device sizes and bias 
points with emphasis on minimizing power dissipation and providing robust 
implementations. Design equations for dc gain, small-signal frequency response, 
step-response, thermal noise and slew rate are derived. Since the cascode 
compensation scheme creates an amplifier with three closed-loop poles, the design 
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equations become significantly more complicated than for a single-stage or 
conventional Miller compensated two-stage amplifier. This implies that for 
practical designs some form of computer optimization constrained by the trade-offs 
illustrated in the design equations will be necessary [11, [17],. 

44.1 DC Gain 

A small-signal half circuit model which can be used to calculate the 
amplifier dc gain is shown in Figure 4.9. The model neglects all capacitances which 
only affect the amplifier frequency response. From small-signal analysis, it can be 
shown that the dc gain of the amplifier is given by Eq. (4.11). As expected, the gain 
is on the order of (gm^'o)^- 



Figure 4.9 Small Signal Model for DC Gain Calculations 



Ac- =g:mlgm9bol(l + g^».3''»3)ll';5(l+gm5''o7)]Lo9 Ikcll) W-H) 

The dc gain in Eq. (4. 1 1) provides a starting point for sizing certain devices 
in the amplifier. To provide adequate margin for process variations and assure that 
the leak specification is met, it is desirable to maximize the amplifier dc gain. DC 
gain is maximized when it is limited by the NMOS devices in the signal path. In the 
first stage of the amplifier, this implies that the output resistance of the PMOS 
active load should be made much larger than the output resistance of the NMOS 
input and cascode device as given in Eq. (4-12). 

+ g.sfai) » f-oiO + g^sros) (4.12) 

Since M, and Mg in Figure 4-8, does not capacitively load the signal path, 
these devices can be made long channel to maximize in dc gain equation Eq. 
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(4.11). If this is still not sufficient to satisfy Eq. (4.12), M 5 and Me, the PMOS 
cascode devices, in Figure 4.8 can be increased in channel length. Since the output 
capacitance of these devices loads the output of the first stage of the amplifier, 
speed and dc gain will trade off through the channel length of the cascode devices. 
DC gain of the second stage of the amplifier is maximized when it is limited by the 
NMOS devices M 9 and Mio in Figure 4.8. An additional constraint is that the 
second stage gain needs to be large enough that the first stage devices will remain in 
saturation for the worst case output swing. Practically, this implies that the PMOS 
current source loads Mn and in Figure 4.8 will need to be increased from the 
minimum channel length. Since the output capacitance of and M^ directly 
loads the output of the amplifier, speed and dc gain will also trade off through the 
channel length of these PMOS devices. 

4A.2 Thermal Noise 


The input-referred thermal noise of a single common-source transistor, 
shown in Figure .7 can be approximated by 



2 ^ .2 2 __ 
V„,m~ Ids'Sm ~ 
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(a) (b) 

Figure 4. 10 Thermal Noise in a Single Common Source Transistor (a) Small- 
Signal Model (b) Input-Referred Noise Voltage 

The factor n^c takes into consideration the additional noise in short- 
channel devices and is bias dependent. The results of Eq. (4.13) can be applied to 
determine the input referred thermal noise of the OTA. A simple analysis of the 
small-signal model will show that the noise contribution from the cascode devices 
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is negligible. Moreover, the noise of the devices in the second stage, when referred 
to the input of the OTA, is attenuated by the square of the gain of the first stage. 
As such, the input-referred thermal noise is dominated by the input devices (Mi, 
M 2 ) and the load devices (M7, Mg), as shown below. 
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(4.14) 


When the amplifier is placed in the switched- capacitor integrator, the total 
noise power is evaluated by integrating the noise spectrum to infinity. This is 
because the sampling process causes the noise spectrum at high frequencies to fold 
down to baseband. The A/ term in Eq. (4.14) should therefore be the bandwidth of 
the integrator. The thermal noise of the OTA, when referred to the output of the 
integrator, is shown below [16]. 
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where, (4.16) 

C,+Q + C,, 

Eq. (4.15) suggests that decreasing the ratio (gmr/gmi), will minimize the OTA 
thermal noise. Because the transconductance gm is given by 
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it is desirable to minimize of the ratio 1 ^ addition, the 

compensation capacitor needs to be sufficiently large to keep the OTA noise 
contribution minimal 

44.3 Flicker Noise 


Flicker laoise is due to the random trapping and de-trapping of minority 
carriers in the channel of MOS devices. Because the fluctuations in the channel 
charge carrier density have a relatively large time constant, the noise power density 
is inversely proportional to frequency. This is why flicker noise is also commonly 
referred to as 1/f noise. The input-referred flicker noise of a single common- 
source transistor is given by 








A/ 


(4.18) 


The constant Kp is a fitting parameter which differs from process to process. 
NMOS devices demonstrate a higher flicker noise characteristic compared to their 
PMOS counterparts. A straightforward strategy to reduce the flicker noise is to 
increase gate area, i.e. width and length, of the device. There are circuit techniques 
at the integrator level which can be employed to provide a first-order cancellation 
of the 1 // noise. Two such techniques are correlated double sampling and chopper 
stabilization [20]-[23]. 

For design simplicity^, the OTA flicker noise contribution is reduced by 
increasing the sizes of the input (Mi, M 2 ) and load (M 7 , Ms) devices. By increasing 
both the width and length by the same factor, the gate area is increased without 
changing the W/L ratio. For a fixed current, this keeps a constant 
transconductance (gj and saturation voltage Vds'^'- Increasing the input device 
sizes, however, increases the input parasitic capacitances, which in turn degrades 
the feedback factor. This is tolerable in this system because of the relatively large 
sampling and integrating capacitors. 
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4 * 4.4 Linear Settling 

The OTA needs to have a sufficient bandwidth for the signal to linearly 
settle to the desired accuracy within half a clock period, as shown below. 

(4.19) 

The sampling frequency is determined by the signal bandwidth and the 
required oversampling ratio, and Ux is the number of time constants. 

The frequency response of the amplifier will now be analyzed to provide an 
understanding of how circuit parameters affect the unity-gain bandwidth. 



Figure 4.11 SMALL-SIGNAL Model for Frequency Response Calculations 

Figure 4.11, shows the small-signal model of the amplifier. The capacitors 
in the figure are defined below. 


^in ^P, switch 

(4.20) 

Cl = Cg^l + Cg^.3 

(4.21) 

Cl = + C^^5 + 

(4.22) 

C^ = C 4- C^^ll + C| (1 ~ ^ I, bottom bottom ^mxt 

(4.23) 

The quantities Cj.botrom and CcMtom are respectively 

the bottom-plati 


parasitic capacitances for the integrating and compensation capacitors. Cp^suitch 
refers to the parasitic capacitance due to the transfer switch at the summing node, 
while C,,ext is the parasitic capacitance due to the sampling switches in the next 
stage. 
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Assuming infinite device output resistance, Tq, it can be shown that the 
amplifier transfer function is given by Eq. (4.24) [22], [23]. 
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(4.24) 


where, C/ = Cf, + (4.25) 

Although Eq. (4.24) provides a complete quantitative solution, it is too 
complicated for hand calculations. Many simplifying assumptions can be made to 
allow the designer to approximate the pole locations. 

The closed-loop unity-gain bandwidth in Eq. (4.19) can be rewritten in 
terms of circuit parameters. Since the feedback factor fps is constant for a fixed gain, 
and because the 


(4-26) 

compensation capacitor Cc is determined by thermal noise considerations, the 
minimum transconductance of the input devices gmi can be calculated from Eq. 
(4.19) and Eq. (4.26). 

The two open-loop non-dominant poles can be approximated by 

(4.27) 

fFB)+CgJ^^ +Q 

(4.28) 

For the amplifier to remain stable, the non-dominant poles should be 
made much larger than the unity-gain bandwidth. From Eq. (4.26) and Eq. (4.27), 
it is obvious that 




Sm9 Sm\f h 


FB 


Cpii-U 

Cr 


(4.29) 
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From Eq. (4.26) and Eq. (4.28), the transconductance of the NMOS 
cascode devices (M 3 , M 4 ) should be made larger than the transconductance of the 
input devices (Mj, M 2 ). 

^.3 » (4.30) 

445 Slew Rate 


When a large input step is applied to the amplifier, its output is unable to 
track the large rate of change in its input. This is due to the limit in the differential 
current which the class A amplifier can deliver. This nonlinear response is known 
as the amplifier’s slew rate. The amplifier may approach a slew limit in either the 
first or second stage. The slew limit in the first stage is determined by the need to 
charge the compensation capacitor at the source of M 3 and M 4 , while the slew limit 
in the second stage is set by the need to charge the load and compensation 
capacitors. This suggests that for a fixed settling specification, the slew rate can be 
improved by increasing the Vqs— Vth of the input devices (Mi, M 2 , M 9 and Mio). 
This requires increasing bias current, as suggested by Eq. (4.3 1). 


SR = min 


21 2L 


Q; Q: 


(4.31) 


4.5 Common-Mode Feedback 

Common-mode feedback is required in fully- differential amplifiers to 
define the voltages at the high- impedance output nodes. The amplifier employs 
dynamic or switched— capacitor common-mode feedback. The fully-differential 
second stage eliminates the need for an inversion stage in the common-mode 
feedback loop. Figure 4.12 shows the common-mode feedback loop for the first 
stage of the amplifier. Capacitors Cm are used to sense the output common- mode 
voltage. During €) 2 d, switched capacitors Cqm define the appropriate DC voltage on 
the sense capacitors. The loop works by steering current from current source Mi 3 cm* 
The total tail current source has been split into M 13 and Mi 3 cm for improved 
stability. A similar loop is designed for the second stage of the amplifier. 
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Figure 4.12 Common-Mode Feedback in the Stage of OTA 


4.6 Bias 

Figure 4.13 shows the biasing network for the OTA. One master current 
source is used and a variety of bias currents are generated using current mirrors. 
High-swing biasing is adopted for both PMOS and NMOS cascode devices, and an 
internal cascode bias is used for Mj and M 4 as shown in Figure 4.14. The Vd"'"’s of 
the biasing devices are chosen to be identical to those in the OTA to ensure good 
matching. Devices Myb and Mub are also made longer (same asMy— Ms and Mu— 
Mn, respectively) to improve matching. In addition, the Vos of tho amplifier 
transistors are biased to be lOOmV greater than their respective Vd"“"s. Decoupling 
capacitors to Vqd (PMOS bias) or ground (NMOS bias) are used at all biasing nodes 
to keep the DC bias voltages stable. Power dissipation can be reduced by decreasing 
the currents in the biasing stage. The biasing currents are chosen to be 
approximately one tenth (0.1) of the currents in the amplifier. To provide good 
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4.7 Comparator 

A simple dynamic comparator is shown in Figure 4.15 [10], [11], is used to 
perform a single— bit conversion. During phase 2 , when the latch signal is low, the 
differential outputs are reset to Vdd- As the latch signal aims high, the differential 
inputs conaol the resistance of the aiode devices, Mt and M?. Based on this 
differential resistance, the outputs of the cross-coupled inverters (M 3 , M 4 , M 7 and 
Mg) flip in the appropriate direction. Power dissipation is minimized by using the 
dynamic comparator shown in Figure 4.15. 



Figure 4.15 Dynamic Comparator 



comparatof I • 

R-S tateh 


Figure 4. 16 Comparator with RS latch 

The fast, regenerative nature of the dynamic comparator, coupled with the 
memory inherent to the RS latch, reduces the possibility of metastability to very low 
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levels. Instead, if the comparator is unable to resolve the input signal in the allotted 
time, the RS latch holds its previous state. Hence, metastability is converted to 
hysteresis. 

4.8 Two-Phase Clock Generator 

As discussed in Section 4.2, the integrators need a 2-phase non- 
overlapping clock (with delays) to minimize signal-dependent charge -injection 
errors. Figure 4.17 shows the waveform of the 2-phase clock, and <I> 2 d are the 
delayed versions of 3>i and O 2 . The rising edges of the delayed clocks should be 
lined up with the rising edges of the non-delayed versions to increase the amount 
of available settling time for the OTA, which is given by 

f t — t — t 

^ settle 2 ^ f 

where, Ts is the sampling period, tnoi is the non-overlap time, t, and tf are raise and 
fall times, respectively. 



^nol 


Figure 4. 1 7 Timing Waveform of Two-Phase Non-Overlap clocks 

The circuit formed by M1-M3 and M4-M6 in Figure 4.18 line up the rising 
edges of the delayed and non-delayed clocks. The delay and non— overlap times are 
affected by the delays in the inverter chain and the NAND gates. 
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49 Summary 

This chapter presented fundamental issues and tradeoffs in the design of 
the key circuit blocks: integrators, amplifiers, comparators, 2-phase clock 
generators, and output buffers. Power optimization techniques for the operational 
transconductance amplifier were investigated. 
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5.1 Introduction 

This chapter discusses the behavioral level and transistor level simulation 
results of a 2-1 cascaded (MASH) SA modulator. Transistor level simulations are 
done using TSMC 0.25pm CMOS technology [26]. The discussion will begin with 
the behavioral level simulation results and the effect of non idealities on the 
modulator using Matlab, SIMULINK. In the next section, transistor level 
simulation design of various circuit blocks is discussed and the simulated results of 
the cascaded architecture are presented. Tanner tools are used for transistor level 
simulations. 

5.2 Behavioral Level Simulation Results 
5.2.1 Ideal Modulator 

As discussed in section 3.2, the ideal 2-1 cascaded SA modulator is 
designed in Matlab Simulink. The Simulink model of the block diagram discussed 
in Figure 3.2 is shown in Figure 5.1 [27]. 
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64 


Figure 5. 1 Ideal 2- 1 Cascaded (MASH) SA Modulator 
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Sampling frequency (fj) used for simulations is 20.48 MHz, i.e, 
oversampling ratio (OSR) is 64. The integrators gains used in this design are 
summarized in Table 5.1 [4], [5], [15]. 


Gain 

9-il 

3-tl 

^i2 

^f2 

au3 

au 

af3 

Value 

1.0 

0.2 

0.5 

0.25 

0.5 

0.1 

0.1 


Table 5.1 

Integrator Gain Values 


The peak SNR obtained for the ideal modulator is 102.4 dB at 6 dB input 
signal amplitude. SNR versus Signal amplitude for the above model is shown in 
Figure 5... The test input signal used for our simulations is 300 mV of sinusoidal 
signal at the frequency of 50 KHz. Figure 5.2 shows the 65536 (64K) FFT of the 
output spectrum for the test input signal. The SNR obtained is 92.8 dB, i.e. 15.13 
bits of resolution (from Eq. (2.1 1)). 


PSD of a 3rd*Order (2-1 Caacacfed) Ideal Modiialor 



Figure 5.2 Output Spectrum For Ideal 2-1 Cascaded IA Modulator 
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From the Figure 5.2, it clearly shows that the quantization noise tones are 
shifted to higher frequencies which are not in the required band of range. Hence, 
the modulator achieves a high SNR by sampling the input signal with a higher rate. 

5.Z2 Non Ideal Modulator 

The ideal modulator doesn't consider the nonidealities of the modulator, 
which greatly affects the performance of the modulator. Before going for transistor 
level simulations, we should know the behavior of the modulator for nonideal 
building blocks. The Simulink model for 2-1 cascaded (MASH) architecture is 
shown in Figure 5.3 which includes all the nonidealities that are discussed in 
sections 3.3 and 3.4 112][15). 

The design parameters used for the behavioral level nonideal simulations 
are summarized in Table 5.2. 


Parameter 

Value 

Signal Bandwidth 

320KHz 

Sampling Frequency 

20.48MHz 

Oversampling Ratio 

64 

Number of samples Considered 

65536 


Table 5.2 


Parameters of the 2-1 Cascaded SA Modulator 

In the circuit shown in Figure 5.3, only the non idealities of the first 
integrator are considered, since their effects are not attenuated by the noise 
shaping. To estimate the performance of the modulator, we varied the values of the 
nonideal parameters that are used in simulations and calculated the corresponding 
SNR. 
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Figure 5.3 Non-Ideal 2- 1 Cascaded (MASH) SA ModuialTor 
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The main nonideal parameter that affects more on SNR of the modulator is 
finite DC gain of the first integrator. These effects are shown in the Figures 5.4— 
5.5. Figure 5.4 shows the plot of SNR and the finite DC gain of the amplifier for 
different oversampling ratios. The plot doesn’t consider the effect of other nonideal 
parameters. Figure 5.5 shows the plot of SNR and finite DC gain for the 
oversampling ratio of 64 considering the other non- ideal parameters. From the 
plot, it is easily shown that, as the gain decreases the SNR also decreases as 
explained in section 3.3. The gain required for the OTA of the first integrator is 
obtained from this figure, i.e. the gain should be greater than 65 dB. 


SNR vs Finite QTA Gain 



Figure 5 .4 SNR versus OTA Gain for different OSR’ s 

Table 5.3 shows the results obtained from the behavioral level simulations 
for the transistor level designing. 
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Figure 5.5 SNR vs OTA Gain for OSR = 64, 

CONSIDERING OTHER NON-IDEAL PARAMETERS 


Modulator Non- ideal Parameter 

Value 

Sampling Jitter 

10 nS 

Switches (KT/Cs) Noise 

1.5 pF 

Parasitic Capacitance of OTA (Cp) 

300fF 

Input referred Op-Amp thermal noise 

20 

Finite Op-Amp DC gain 

70 dB 

Gain Bandwidth Product of Op-Amp 

175 MHz 

Slew Rate 

%30V/p.S 


Table 5.3 Modulator Nonidealities 


For the test input signal, i.e. 300 mV, 50 KFiz sinusoidal input signal, 
output spectrum of 65536 FFT is shown in Figure 5.6. The SNR obtained for the 
test input signal is 86.5 dB, i.e. resolution of 14.1 bits. 
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:freqaency;|H2l. 


Figure 5.6 Output Spectrum for Non-Ideal Behavioral Model 

Compciring the ideal modulator and nonideal modulator output spectrums, 
it is clear that all there are some noise tones present in the required band of 
frequencies. This is due to the nonidealities of building blocks as explained in 
Chapter 3. 

Figure 5.7 shows the plot of the SNR versus input signal amplitude of both 
ideal and nonideal cascaded 2-1 lA modulator. The peak SNR obtained for the 
nonideal behavioral level simulation is 92.8 dB at 8.5 dB signal amplitude. The 
dynamic range obtained in ideal and nonideal simulations are 96 dB and 84 dB 
respectively. 
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SNR vs Signal Amplitude 



Figure 5.7 SNR vs Input Signal Amplitude for 

Ideal and Non-Ideal Modulators 

5.3 Transistor Level Simulation 

This section will present the values selected for the capacitors and current 
levels in the integrators. From the behavioral level simulations, we are able to find 
out the minimum requirements for designing the first stage integrator. The design 
constraints used for the design are shown in Table 5.3. The tradeoffs and 
optimization for the design of the integrators and amplifiers were discussed in 
Chapter 4. 

All simulations are done using TSMC 0.25 pm CMOS technology [26]. The 
capacitor values for the second integrator are selected on the basis of thermal noise 
requirements. The noise contribution of the last integrator are negligible, the 
capacitor values are parasitic limited. Table 5.4 summarizes the values of sampling 
and integrating capacitors used in this design. The bias currents in the operational 
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transconductance amplifier are determined by settling constraints, slew rate 
considerations and required thermal noise floor [11][13][21][29]. 



Sampling 

Capacitor 

Integrating 

Capacitor 

Integrator 1 

Q,=1.5pF 

C,r0.3pF 

Cfi=1.5pF 

Integrator 2 

Cs2=lpF 

Cu=0.5pF 

Cf2=2pF 

Integrator 3 

Cs 3 = 0 . 25 pF 

QrlpF 

Cf3=2.5pF 


Table 5.4 Summary of Sampling and Integrating Capacitor Values 

The 2-stage OTA used in this design was shown in Section 4-4, and is 
repeated here in Figure 5.8. 



Figure 5.8 Fully Differential Telescopic Cascaded OTA 
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Table 5.5 summarizes the settling and slew rate requirements of the three 
amplifiers in the modulator cascade, and presents the selected values of the bias 


currents and compensation capacitors. 



Settling 

Accuracy 

Gain (dB) 

1dsi (pA) 

Ids 9 (pA) 

Gc 

GBW 

(MHz) 

Integrator 1 

0.04% in 

40 ns 

78 

125 

140 

2pF 

200 

Integrator 2 

1.5% in 
52ns 

69 

90 

110 

IpF 

145 

Integrator 3 

2.4% in 
56ns 

66 

80 

100 

750fF 

130 


Table 5.5 Summary of Bias Current’s and Compensation Capacitors in OTA’s 


The value of of different transistors affects the input referred noise 

and the frequency response of the amplifier. Table 5.6 shows the different 
of the OTA and the sizes of the transistors, used in the first stage of integration. 



(V) 

Size (fim/nm) 

Ids (/^) 

Ml, M2 

0.25 

11/1 

125 

M3M4 

0.1 

24.525/0.25 

125 

Ms, Me 

0.2 

30/0.25 

125 

M7, Ms 

0.7 

8.5/1 

125 

M9, Mio 

0.3 

5/0.25 

140 

Mil, Mi2 

0.3 

12.5/0.25 

140 

Ml, 

0.1 

39.5/0.25 

200 

Mi3CM 

0.1 

11.25/0.25 

50 

Mi4 

0.1 

51.5/0.25 

220 

Mi4CM 

0.1 

12.75/0.25 

60 


Table 5 .6 Summary of and Transistor Sizes of OTA 

Figure 5.9 shows the gain plot and the phase margin of the OTA given in 
Figure 5.8. As discussed in Chapter 3 and section 5.2, the gain of the OTA should 
be greater than 70 dB. In our design we obtained a gain of 78 dB with a phase 
margin of 63". Figure 5.10 shows the slewing action of the OTA, where the slew 
rate obtained is 22 V/ps. Figure 5.11 shows the output swing of the fully 
differential OTA. The swing obtained in out design is 5 V pp. 
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All blocks in the Figure 5.12 are designed as discussed in Chapter 4. In the 
above figure, the comparator outputs are sampled with the clock O 2 D. These 
outputs (Pi, Ni, P 2 and N 2 ) are used to give the feedback to the SC integrators. The 
values of the capacitors used for sampling are mentioned in Table 5.4. The 
reference voltages used for the feedback (Vref+ and VrefJ is ±150 mV. The power 
dissipation of our design is 90mW. All the simulations are done using Tanner tools 
(S-Edit for Schematic editing and TSPICE for SPICE level simulations) 

The outputs of the first stage and the second stage of the cascaded 
architecture are to be filtered properly to minimize the quantization noise. As 
explained in Section 2.6, the digital filters Hi(z) and H 2 (z) are to designed precisely 
to reduce the noise terms at the output, which is described in Eq. (2.21). Here we 
designed this error cancellation logic using Matlab, Simulink. The cancellation 
logic used in behavioral modeling is used for this design. The outputs are given to 
the Matlab program where the digital error cancellation logic is done. Here we had 
taken the output at the end of clock <I) 2 d- To calculate the SNR, the outputs of the 
error cancellation logic are given to the Hamming window and to a 65536 FFT 
(Appendix C). 

When the test input signal of 300 mV, 50 KHz are given, and the 
corresponding 64K FFT output spectrum after the digital processing is shown in 
Figure 5.13. The SNR obtained from our design is 83.57 dB, i.e. 13.9 bits of 
resolution. From Figure 5.13, it is clear that the noise spectrum is spread to the 
higher frequencies. When compare to the output spectrum of the behavioral level 
model in Figure 5.6, it is clear that more noise tones are present in the desired 
frequency range. This is due to the flicker noise and other nonidealities that are not 
taken in to consideration in behavioral modeling. Table 5.7 shows the SNR and 
bits resolution for an ideal, nonideal behavior models and transistor level model of 
2- 1 cascaded EA modulator, for the test input signal. 
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PSD of a Sfd-Ocder Sigma- Delta Modulator (trarveistot leveistmulation) 



Figure 5. 13 Output Spectrum from Transistor level Simulation 



Ideal Behavioral 
Level Simulations 

Nonideal 
Behavioral Level 
simulations 

Transistor Level 
simulations 

SNR(dB) 

92.8 

86.5 

83.57 

Resolution in 
number of bits 

15.13 

14.1 

13.91 


Table 5.7 Summary of Simulation Results for 2-1 Cascaded IA Modulator 

5.4 Summary 

This chapter present the simulation results of a third order (2-1) cascaded 
2A modulator. From the simulation results of non-ideal modulator, we are able to 
predict the response of the modulator closer to the transistor level simulations. 
Building blocks are designed using 0.25pm CMOS. The modulator operated at an 
oversampling rate of 64 and dissipates a power of 90mW from a 3V supply. The 
modulator achieved 83.57 dB of SNR at 20.48 MHz. 
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6.1 Introduction 

This chapter summarizes the primary research contributions and results, 
and provides some suggestions for fiiture areas of research. A 2-1 cascaded 
(MASH) EA modulator was designed using 0.25|J.m CMOS process. System-level 
design of the modulator was presented in Chapter 3, and the design of key circuit 
blocks was discussed in Chapter 4. Chapter 5 presented the behavioral level and 
transistor level simulated results. 

6.2 Summary Of Research Results 

The research explored design issues of a high-speed switched capacitor EA 
modulator for digital audio applications. Emphasis was placed on the low-power 
design techniques that are amenable to highly integrated analog receivers. A 
secondary goal was to model the EA modulators with nonidealities in the system 
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level for estimating its performance. Key results of this project are summarized 
below: 

> Developed a model implemented in the Matlab, Simulink, environment 
suitable for time domain behavioral simulations of SC EA modulators. This 
model takes accounts most of the SC EA modulator nonidealities, such as 
sampling jitter, Thermal noise, switching nonidealities and operational 
amplifier parameters (white noise, finite DC gain, finite BW, slew rate and 
saturation voltage). 

> Designed a high speed, low power fully differential operational 
transconductance amplifier suitable for single 3V CMOS processes. 

> Designed a SC, CMOS EA modulator and demonstrated that this circuit would 
meet the specifications of digital audio applications at reasonable power 
dissipation. Transistor level simulations achieve an 83.57 dB of SNR at a 
Nyquist rate of 320 KHz and dissipated 90mW at an oversampling rate of 64. 

6.3 Future Work 

This project primarily aims to demonstrate the behavioral level modeling 
will estimates the performance of real EA modulator and it is shown using 
transistor level simulations. 

This model can be extended to higher order modulators. This model 
doesn’t consider the flicker noise and nonlinear gain of the OTA. This makes 
limits on the use of OTA’s and the frequency range of the OTA’s. 

The designed EA modulator can be extended to higher frequencies that are 
useful for CDMA and wireless applications. 

One area which will be of interest is power-reduction strategies for the high 
dynamic range baseband circuits. The power dissipation of this circuit can be 
further reduced by making low power OTAs with charge pumps and also noise due 
to OTA can be further reduced. Supply voltage scaling can be done to minimize the 
power and make it use for portable devices. 
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Another possible future work is to investigate the feasibility of making the 
modulator adaptable to a very wideband standard like spread-spectrum CDMA 
and W-CDMA without excessive power dissipation. Achieving 8-10 bits of 
resolution with a Nyquist rate of lOMS/s or greater involves a somewhat different 
set of design tradeoffs and optimization than those for this design. 

Technology scaling will continue to enable faster ADC’s, but new circuit 
techniques will be necessary if very high speed, high dynamic range SA modulators 
are desired. Continuous time SA (CTEA) modulators have demonstrated the 
potential to operate at significantly faster sampling rates that discrete-time, SC 
implementations. Still limited understanding of the design methodologies for 
CTXA modulators have curbed the design of higher order, multi bit CTEA’s. 
Further research in this area has the potential to allow high dynamic range CMOS 
EA modulators with Nyquist rates in the several tens of MHz range. 

Multi— bit cascaded EA modulators can be used to achieve more SNR for 
lesser oversampling ratios. Further research in this area has the potential to get 
higher resolution (greater than 18 bits) with out going for higher order SA 
modulators. 
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MOSIS PARAMETRIC TEST RESULTS 

RUN: T33W (MM_NON-EPI) VENDOR: TSMC 

TECHNOLOGY: SCN025 FEATURE SIZE: 0.25 microns 

T33W SPICE BSIM3 VERSION 3.1 PARAMETERS 

*SPICE 3f5 Level 8, Star-HSPICE Level 49, UTMOST Level 8 

Temperature_parameters=Default 


BS1M3 SPICE Model FOR NMOS 


.MODEL NMOS NMOS ( 

+VERSION=3.1 LEVEL=49 TNOM=27 TOX =5.6E-9 

+XJ=lE-7 NCH =2.3549E17 VTH0=0.3 705997 Kl=0.4580187 

+K2=2.151973E-3 K3=lE-3 K3B =1.885743 W0=lE-7 NLX =1.979533E-7 

+DVT0W= 0 DVT1W=0 DVT2W= 0 DVT0=0.41 80247 DVT1=0.5426555 
+DVT2=M).5 U0=282.85 16693 +UA— 1.479 11 5E-9 UB=2.771868E-18 

+UC=4 191212E-11 VSAT=1 .56755 1E5 A0=L7299219 AGS =0.3351874 
+B0--5 .45964 lE-8 B 1=2.28 1689E-6 KETA=-7.964814E-3 Al=1.404347E-4 
+A2=0.3958259 RDSW=1 16.1842583 PRWG=0.5 PRWB=-0.2 WR=1 

+WINT=0 LINT=5.662622E-9 XL=3E-8 XW^E-8 DWG =-3.48834E-9 
+DWB =8.945939E-9 VOFF— 0.1026024 NFACTOR= 1.527547 CIT =0 
+CDSC=2.4E-4 CDSCD= 0 CDSCB= 0 ETA0=5.273497E-3 
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+ETAB=6.155241E-4 DSUB=0.0328792 PCLM=1. 8598332 PDIBLC1= 1 

+PDIBLC2= 2.597071E-3 PDIBLCB= -0.0638656 DROUT= 0.8750173 
+PSCBE1=3.733074E8 PSCBE2=3.1755E-8 PVAG=9.969483E-3 DELTA= 0.01 

+RSH=4.5 MOBMOD=l PRT =0 UTE=--1.5 KT1=-0.11 

+KT1L=0 KT2 =0.022 UAl =4.31E-9 UBl =-7.61E-18 UCl =-5.6E-l 1 
+AT=3.3E4 WL=0 WLN=1 WW=0 WWN =1 WWL =0 

+LL=0 LLN=1 LW=0 LWN=1 LWL=0 CAPMOD=2 

+XPART=0.5CGDO=3.8E-10 CGSO=3.8E-10 CGB0=1E-12 CJ=1.517652E-3 

+PB=0.99 MJ=0.4042707 CJSW=4.19793E-10 PBSW=0.83 15437 

+MJSW=0.3795104 CJSWG=3.29E-10 PBSWG=0.83 15437 

+MJSWG=0.3795104 CF=0 PVTH0=-6.324971E-3 PRDSW=-10 
+PK2=2.675691E-3 WKETA= -1.645688E-3 LKETA= -0.0122331 ) 


BSIM3 SPICE Model FOR PMOS 


.MODEL PMOS PMOS ( 

+VERSION=3.1 LEVEL=49 TNOM=27 TOX=5.6E-9 XJ=lE-7 
+NCH=4.1589E17 VTH0=-0.5301873 Kl=0.6176994 K2=-1.123056E-3 K3=0 

+K3B =9.6084801 W0=lE-6 NLX =1E-9DVT0W= 0 DVT1W= 0 

+DVT2W=0 DVT0=2.5278534 DVT1=0.7456063 DVT2^0. 1465 105 

+U0=1 04.8572245 UA=1.186639E-9 UB=1E-21 UC^lE-10 
+VS AT=1. 90995 1E5 A0=0.8879722 AGS =0.1476076 B0=1.195257E-6 

+Bl=5E-6 KETA=0.0 162687 Al=4.253866E-3 A2=0.3 RDSW=852.464666 

+PRWG=0.2769343 PRWB=-0.2426706WR=1 WINT=0 LINT=4.358485E-8 

+XL=3E-8 XW=-4E-8 DWG =--2.561 792E-8 DWB =3.107252E-9 

+VOFF^0. 1240087 NFACTOR= 1.1688205 CIT =0 CDSC=2.4E-4 

+CDSCD=0 CDSCB= 0 ETA0=0 .4082093 ETAB--0.1429114 

+DSUB=1.1220319 PCLM=1. 2613618 PDIBLC1= 5.44991E-3 

+PDIBLC2= -1.3578E-9 PDIBLCB= -lE-3 DROUT= 0.065719 

+PSCBE1=1.157312E10 PSCBE2=1.046498E-9 PVAG=0.015388 DELTA= 0.01 
+RSH=3.4 MOBMOD=l PRT =0 UTE--1.5 KTl ^0.11 

+KT1L=0 KT2 =0.022 UAl=4.31E-9 UBl =-7.61E-18 UC1=^5.6E-11 

+AT=3.3E4 WL=0 WLN=1 WW=0 WWN =1 WWL =0 

+LL=0LLN=1 LW=0 LWN =1 LWL =0 CAPMOD=2 

+XPART=0.5CGDO=3.6E-10 CGSO=3.6E-10 CGBO=lE-12 CJ=1.88432E-3 

+PB=0.99 MJ=0.4694628 CJSW=3.091997E-10 PBSW=0.7523248 

+MJSW=0.2453993 CJSWG=2.5E-10 PBSWG=0.7523248 MJSWG=0.2453993 

+CF=0 PVTH0=3.936913E-3 PRDSW= 20.8071404 PK2 =2.437362E-3 

+WKETA= 0.0196526 LKETA= -7.59093 lE-3 ) 
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% MATLAB Program for Third Order Cascade XA Modulator 


clear; 

tO=clock; 

bw=320 e3; 

R=64; 

Fs=R*2*bw; 

Ts=l/Fs; 

N=65536; 

Fin=50 e3; 

Ampl=0.3; 

Ntransient=0 


% Base-band Bandwidth 
% Oversampling Rate 
% Oversampling frequency 
% Oversampling Period 
% Samples number 
% Input signal frequency 
% Input signal amplitude [V] 


% 

% kT/C noise and op-amp non- idealities 

% 


echo on; 
k=1.38e-23; 
Temp=300; 
Cf=5e-12; 
Cp=3e-ll; 
A=3160; 


% Boltzmann Constant 
% Absolute Temperature in Kelvin 
% Integrating Capacitance of the first integrator 
% Parasitic Capacitance 
% Op-amp Gain (70 dB Approx) 


alpha=A*(Cf+Cp)/[A*(Cf+Cp)+(ail*Cf)+(afl Of)]; 

% A=Op-amp finite gain (alfa=(A-l)/A -> ideal 
op-amp alfa=l) 

Amax=2.2; % Op-amp saturation value [V] 
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sr=20e6; 

GBW=200e6; 
noise l=20e-6; 
[V/sqrt(Hz)] 
delta=10e-9; 
echo off; 

% Modulator coefficients 


% Op-amp slew rate [V/s] 

% Op-amp GBW [Hz] 

% 1st int. output noise std. dev. 

% Random Sampling jitter (std. dev.) [s] (Boser, 


echo on; 
ail = 1.0; 
af 1=0.2; 
ai2=0.5; 
af2=0.25; 
ai3=0.1; 
au3=0.5; 
af3=0.1; 

Vref=l; 
echo off; 

finrad=Fin*2*pi; % Input signal frequency in radians 


sO=sprintf('** 

sl=sprintf(' 

s2=sprintf(' 

s3=sprintf(' 

s4=sprintf(' 

s5=sprintf(' 

s6=sprintf(' 

s7=sprintf(' 

s8=sprintf(' 

disp(sO) 

disp(sl) 

disp(s2) 

disp(s3) 

disp(s4) 

disp(s5) 

disp(s6) 

disp(s7) 

disp(s8) 


Simulation Parameters **'); 
Fs(Hz)=%1.0f,Fs); 
Ts(s)=%1.6e',Ts); 
Fin(Hz)=%1.4f,Fin); 
BW(Hz)=%1.0f,bw); 
OSR=%1.0f,R); 

Npoints=% l.Of ,N); 

tsim(sec)=%1.3f,N/Fs); 

Nperiods=%1.3f,N*Fin/Fs); 
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% Open Simulink diagram first 

options=simsetClnitialState’, zeros(l,6), ’RelToF, le-3, 'MaxStep’, 1/Fs); 
sim(’SD3nonideal\ (N+Ntransient)/Fs, options); % Starts Simulink simulation 

% Calculates SNR and PSD of the bit-stream and of the signal 

w=hann(N); 

echo on; 

f=Fin/Fs % Normalized signal frequency 

fB=N*(bw/Fs) % Base-band frequency bins 

yyl=zeros(l,N); 

yyl=yout(2+Ntransient:l+N+Ntransient)’; 
echo off; 

ptotl=zeros(l,N); 

[snr,ptotl]=calcSNR(yyl(l:N),f,fB,w,N,Vref); 

Rbit=(snr-1.76)/6.02; % Equivalent resolution in bits 

% Output Graph 

figure(l); 

clf; 

semilogx(linspace(0,Fs/2,N/2), ptotl(l:N/2), 'k’); 
grid on; 

titleCPSD of a 3rd-Order Sigma-Delta Modulator (Non-Ideal)') 
xlabeK'Frequency [Hz]') 
ylabelCPSD [dB]') 
axis([0 Fs/2 -200 0]); 


%Hann Function% 

function w = hann(n) 

aO-OJ38946; 

al--0A81973; 

a2-0.161054; 

a3=-0.018027; 

A-n*0.5*((aO*aO+0.5*(aral+a2*a2+a3*a3))^.5); 
for i==l:n 

w(i) = (aO+a rcos(2*pi*(i- l)/n)+a2*cos(4*pi*(i- l)/n)+a3*cos(6*pi*(i- l)/n))/ A; 
end; 
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% 

function y=dbp(x) 

% clbp(x) = 10*logl0(x): the dB equivalent of the power x 
y = -Inf* ones(size(x)); 
nonzero = x^=0; 

y(nonzero) = 10*logl0(abs(x(nonzero))); 


% Function for SNR 

function [snrdB,ptotdB,psigdB,pnoisedB] = calcSNR(vout,f,fB,w,N,Vref) 

% SNR calculation in the time domain 

% vout: Sigma-Delta bit-stream taken at the modulator output 
% f: Normalized signal frequency (fs -> 1) 

% fB: Base-band frequency bins 
% w: windowing vector 
% N: samples number 
% Vref: feedback reference voltage 
% 

% snrdB: SNR in dB 

% ptotdB: Bit-Stream power spectral density (vector) 

% psigdB: Extracted signal power spectral density (vector) 

% pnoisedB: Noise power spectral density (vector) 

% 

fB=ceil(fB); 

signal=(N/sum(w))*sinusx(vout(l:N)**w,f,N); % Extracts sinusoidal signal 
noise=vout(l:N)-signal; % Extracts noise components 

stot=((abs(fft((vout(l:N).*w)'))).^2); % Bit-stream PSD 

ssignal=(abs(fft((signal(l:N).*w)’))).'^2; % Signal PSD 

snoise=(abs(fft((noise(l:N).*w)')))-'^2; % Noise PSD 

pwsignal=sum(ssignal(l:fB)); % Signal power 

pwnoise=sum(snoise(l:fB)); % Noise power 

snr=pwsignal/pwnoise; 
snrdB=dbp(snr); 

norm=sum(stot)/Vref^2; % PSD normalization 

if nargout > 1 

ptot=stot/norm; 

ptotdB=dbp(ptot); 

end 

if nargout > 2 
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psig=ssignal/ norm; 
psigdB=dbp(psig); 


if nargout > 3 

pnoise=snoise/ norm; 
pnoisedB=dbp(pnoise); 

end; 


%Function for Sinusoidal Extraction 

function outx = sinusx(in,f,n) 

% 

sinx=sin(2*pi*r[l:n]); 
cosx=cos(2*pi*f*[ 1 :n]); 
in=in(l:n); 
al==2*sinx.*in; 
a=sum(al)/n; 
bl=2*cosx.*in; 
b=sum(bl)/n; 
outx=a.*sinx b/cosx; 

function out = slew(in,alfa,sr,GBW,Ts) 

% Models the op-amp slew rate for a discrete time integrator 
% in: input signal amplitude 
% alfa: effect of finite gain (ideal op-amp alfa=l) 

% sr: slew rate in V/s 

% GBW: gain- bandwidth product of the integrator in Hz 
% Ts: sample time 
% out: output signal amplitude 

tau= l/(2*pi*GBW); % Time constant of the integrator 
Tmax = Ts/2; 

slope=alfa*abs(in)/ tau; 

if slope > sr % Op-amp in slewing 

tsl = abs(in)*alfa/sr - tau; % Slewing time 
if tsl >= Tmax 

error = abs(in) - sr*Tmax; 

I 
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else 

texp = Tmax - tsl; 

error = abs(in)*(l-alfa) + (alfa*abs(in) - sr*tsl) * exp(-texp/tau); 

end 

else % Op-amp in linear region 

texp = Tmax; 

error = abs(in)*(l-alfa) + alfa*abs(in) * exp(-texp/tau); 

end 

out = in - sign(in)*error; 
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The SNR of a modulator is defined as 


sm= 


-A 


(C.1) 


where Ps denotes the signal power and the noise power. In an ideal SA 
modulator, the SNR is determined only by the quantization noise according to 


P„ 2n“- 


2L+1 


(C.2) 


where A denotes the input range of the EA modulator, N the number of bits in the 
quantizer, M the oversampling ratio, and L the order of the EA modulator. 

However, the other noise or distortion sources increase the total noise 
power of the data converter above the quantization noise level and contribute to 
the SNR [12]. 

The calculation of the SNR of a EA modulator starting from the raw output 
data (output samples) is performed in two steps. In the first step, the sinusoidal 
signal (S) is extracted from the sequence of No output data (O,, at time q ), typically 
by computing a discrete Fourier transform (DFT) of O at the signal frequency (fin) 

(C.3) 


S{tO = 


Nr 


_1_ 

Nr, 


f 1^0 ^ , 

^20;f¥,cos{27tfj) cos(2nfj;) 
q/=i y 

(No / \ 

^20^,s\n{2nfj) sm(27rfj^) 

u=i y 
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where Wj denotes the desired window for the data. The obtained signal is then 
subtracted from the raw output signal in the time domain, thus obtaining a signal 
(Nj) which contains only the noise and distortion contributions. In the second 
step, we calculate the FFT of S and of Nj, obtaining the spectra of the signal (Ss) 
and of the noise (Sjvj) . The same window Wj used for the DFT has to be used also 
for the FFT. Finally, the signal (Ps) and noise power (P^) are calculated by 
integrating the power spectra 

and F^=f;^/(0 (C.4) 

/=1 /=1 

where NB=(NoBW)/fs, denotes the number of samples corresponding to the desired 
BW (baseband, BW) with sampling frequency £5. The SNR is then obtained from 
(CD. 


The spectra in Figures 5.2, 5.6 and 5.13 were estimated by computing 64K 
point discrete Fourier transform of a windowed version of the output. The 
particular window (Wi) used was defined as follows: 

w[«] = — y cos(27tkn / N), 0<n<N (C.5) 

where, 

iV = 65536 
00 = 0.338946 

o, =-0.481973 (C.6) 

02 =0.161054 

03 =-0.018027 



(C.7) 


The scaling factor. A, is defined such that when a sinusoid with a peak-to- 
peak amplitude of A is windowed and the discrete Fourier transform is computed, 
the resulting spectral power will be unity, or 0 dB. 


- 94 - 



